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Summary

The thesis investigates the modelling, analysis, design and control of 4®-order LCLC resonant
power converters. Both voltage-output and current-output variants, are considered. Key research
outcomes are the derivation of new frequency- and time-domain models of the converters, based on
normalised component ratios, and including the effects that parasitic elements have on circuit
behaviour, and a detailed account of multi-resonant characteristics; extensions to the use of cyclic-
mode modelling methods for application to LCLC converters, to provide rapid steady-state analysis,
thereby facilitating the use of the derived methodologies as part of an interactive design tool; the
formulation of analytical methods to predict the electrical stresses on tank components—an important
consideration when designing resonant converters, as they are often higher than for hard-switched
converter counterparts; the characterisation of both continuous and discontinuous modes of operation
and the boundary conditions that separate them; and a substantial treatment of the modelling, analysis
and design of LCLC converters that can provide multiple regulated outputs by the integrated control of

both excitation frequency and pulse-width-modulation.

The proposed methodologies are employed, for validation purposes, in the realisation of two proof-of-
concept demonstrator converters. The first, to satisfy the requirements for delivering 65V (rms) to an
electrode-less, 8W, fluorescent lamp, to improve energy efficiency and lifetime, and operating at a
nominal frequency of 2.65 MHz, is used to demonstrate capacitively-coupled operation through the
lamp tube, thereby mitigating the normally detrimental effects of excitation via the electrodes. The
second prototype considers the realization of an LCLC resonant power supply that can provide
multiple regulated outputs without the need for post-regulation circuitry. The two outputs of the
supply are independently, closed-loop regulated, to provide asymmetrical output voltage distributions,
using a combination of frequency- and duty-control. Although, an analysis of the supply shows that
the behaviour is extremely complex, due, in particular, to the highly non-linear interaction between the
multiple outputs and parasitic inductances, and rectifier, an analysis to provide optimum performance
characteristics, is proposed. Moreover, a PIC/FPGA-based digital controller is developed that allows

control of the transient performance of both outputs under start-up and steady-state conditions.
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CHAPTER 1

Introduction

With the increased power capability, improved control and reduced cost of modern power
semiconductor devices, designers of electronic equipment, computers and electronic instrumentation
are increasingly demanding higher energy-density and efficient power sources to supply their
equipment, Fig. 1.1. Power supply technologies can be divided into two distinct groups; linear
regulators and switched-mode power conversion techniques. Over recent decades, a substantial
movement from simpler linear regulators, to high frequency pulse-width modulated (PWM) converters
with similar power handling capabilities, but with a reduction of overall size and weight, has emerged.
Theoretically, at least, using ideal component characteristics, switched-mode power conversion offers
the possibility of loss-less power transfer, with duty-cycle or frequency control of an idealised

switching element controlling the flow of energy to achieve regulation.
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Figure 1.1 Recent trends in power supply technology

To date, most commercial switch-mode power supplies on the market operate in the frequency range
10 kHz to 50 kHz [A1], and are found in many commercial products and white-goods viz. computers,
television receivers, battery chargers etc. For domestic applications, switching frequencies in excess
of 20 kHz are usually employed to reduce the impact of acoustic noise emissions. However, the trend
towards miniaturisation of electronic systems [A2], particularly for communication and entertainment
products, and the emergence of enhanced power switch technologies, is leading to the use of switching

frequencies in the range of 100’s kHz to several MHz, Fig. 1.2 [A3].



Introduction 2

During their infancy, switched-mode converters employed Bipolar Junction Transistors (BJTs), which
had, by then, been optimized for low power transfer, as a result of requirements to develop digital logic
circuits, but have been subsequently realized for higher voltage/current applications. However, the
introduction of power Metal Oxide Semiconductor Field Effect Transistors (MOSFETs), during the
1970/80s [A4], provided the power electronics industry with a device capable of much greater
switching speeds and lower power dissipation. Nevertheless, whilst significant advances have been

made, MOSFETS remain limited by achievable voltage ratings and greater fabrication cost.

The Insulated Gate Bipolar Transistor (IGBT) combines the low-power drive advantages of the
MOSFET with the low conduction losses and high blocking-voltage characteristics of the BJT, thereby
making it very suitable for high power, high voltage systems. However, since current transport is by
the same process as the BJT, the maximum switching speed is much lower than can be achieved by
MOSFETSs, and is therefore currently limited to applications requiring switching speeds of typically
<50kHz.

The MOS-controlled Thyristor (MCT) is a relatively new device to the commercial market. The MCT
combines the properties of a Gate-Turn-Off Thyristor, including low on-state voltage drop at high
current, with the advantage of being a voltage-controlled device like the IGBT and MOSFET. A
comparison between MCTs and IGBTs of similar ratings show that the MCTs have smaller on-state
voltages and are now available in voltage ratings up to 1500V, at a few hundred amperes.
Nevertheless, the MCT remains a relatively new technology, albeit in a state of rapid development, and
significant improvements in the device capabilities are anticipated in the next few years. A summary of

the capabilities of recent power devices is shown in Fig. 1.2 [AS].
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Although the use of higher switching frequencies allows smaller reactive components to be employed
in designs, in-turn leading to systems with lower volume envelope and reduced cost, the resulting
supplies are often more susceptible to the effects of parasitic capacitance and leakage inductance,
higher peak current stress, and higher switching losses. In conventional PWM converters, such effects
manifest themselves as high-frequency ringing and large current spikes that are generated by the rapid

charging and discharging of device capacitances, and unwanted electromagnetic interference (EMI).

As a consequence, with ever-stringent regulations regarding supply quality and EMI, as well as the
techno-economic benefits afforded by the use of high power-factor loads, the merits of resonant power
converters, particularly those which employ high-order tank circuits, are now attracting increased
attention. This is most apparent in market sectors such as compact fluorescent lamp ballasts [A6],
plasma televisions [A7], x-ray generators [A8, A9], electric vehicle inductive battery chargers [A10]
and electric welding [A11] (Fig. 1.3), for instance.

(b)

Figure 1.3 Possible applications for resonant power converter: a) Plasma display panel, b) Fluorescent lamp

electronic ballast, and c) X-ray medical system.

The input switching devices of resonant converters, as opposed to hard-switched counterparts, can be
configured to operate in either ‘zero current’ (ZCS) or ‘zero voltage’ (ZVS) switching modes [A12],
thereby greatly reducing levels of electrical stresses on devices (see Fig. 1.4) and minimizing switching
losses. Another advantage is the reduction of EMI normally associated with applying high-bandwidth
switching transients to internal capacitances of devices. Converters designed to exhibit ZVS, for
instance, do not generate this type of EMI [A13]. Furthermore, the sine-wave characteristics of

resonant tank voltages and currents reduce the generation of high frequency harmonics.
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Although many variants of resonant converter have emerged, they can be broadly categorized into
those employing series-resonant or parallel-resonant tank networks [A14-A17]. Generally, the
resonant tank is switched above the resonant frequency, thereby imparting ZVS to minimize turn-on
losses—variable frequency control being used for regulating the output voltage. However, a

disadvantage with this method is that the transfer characteristic is non-linear and generally changes

with load.

Resonant inductor
cumment

f¢— hard turn-off

'soft turn-on

Drain
current

Drain source
voltage

Figure 1.4 Switch current and voltage waveforms when a resonant converter is operated using ZVS.

Higher-order resonant converters are constructed from tank networks typically employing three or four
reactive components, contained in two resonant branches (a series branch and a parallel branch), and,

by appropriate selection of component values, it is possible to obtain converters with the combined

advantages of both the series- and parallel-tank variants.

It has previously been reported that 36 x 3"-order and 182 x 4"-order resonant converter topologies
have been identified, consisting of three or more energy storage elements, respectively, [A18, A19],
not all of which are practically useful. To date, few converter topologies have been fully analyzed with
experimental verification—with the most common being the LCC series-parallel converter [A20-A25]
which features desirable properties of both series- and parallel-converter counterparts. The CLL

counterpart, which is more complex to analyze, has also been considered in [A26-A29].

In addition to improving the specific characteristics of converters employing 2™-order tank circuits,

high-order converters are also able to usefully ‘absorb’ circuit parasitic elements, as designed
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components—an important feature for switching frequencies in the 100’skHz/MHz range. By contrast,
parasitic effects stemming from semiconductor junction capacitances, transformer leakage and
magnetizing inductance, winding stray capacitance and rectifier diode internal capacitance, are the

primary reasons hindering the operation of ‘hard switched’ converter counterparts, at such frequencies.

1.1. Review of Modelling and Analysis Methodologies

Whilst resonant power conversion has significant potential to supply the future needs of
equipment manufacturers, their widespread adoption remains impeded by the higher electrical stresses
to which individual electronic components are exposed, and a lack of suitable design methodologies
that can provide accurate and rapid predictions of circuit behaviour at the design stage; particularly
those that consider the significant effects that parasitic resistances, capacitances and inductances have

on resonant tank behaviour.

The properties of the series [Al4, A30], parallel [A15], and other 3.order resonant converter
topologies [A31-A33] have been traditionally explored using the Fundamental Mode Approximation
(FMA), and a systematic design guide has been previously reported for a resonant converter employing
a 4"-order LCLC tank using a more complex form of AC analysis [A34]. Harmonics of the switching
frequency are neglected, and tank waveforms are assumed to be purely sinusoid, thereby facilitating
the generation of simple equivalent circuits to be obtained to describe the behaviour of the resonant

tank, rectifier, and output filter.

A consequence of using FMA, is that the dc-input voltage to output-voltage conversion ratio, during
continuous conduction mode operation, is approximately given by the ac-transfer function of the tank
circuit, an example being shown in Fig. 1.5. The tank is loaded by an ‘effective’ output resistance that
models the interaction between rectifier/output filter networks. It is thereby relatively straightforward
to determine how the arrangement of tank components, and their values, affects converter behaviour.
This intuitive approach is shown to be sufficiently accurate to model converter operation in continuous
conduction mode with a high quality factor, Q, but becomes very inaccurate when the tank is operated
at low Q-factors or when operating in the region of discontinuous conduction mode conditions, and

when parasitic components have significant influence on current/voltage wave-shapes.
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Figure 1.5 Example voltage gain curve of an LCC resonant converter.

This is particularly apparent for converters based on LCLC structures, including the LCC counterpart,
when a capacitive output filter is employed, and the combined clamping action of the parallel resonant
capacitor and bridge rectifier creates voltage/current waveforms that are neither sinusoidal nor square-
wave (Fig. 1.6). To date, the most accurate frequency-domain methodology for analysing such
converters is by recourse to Rectifier-Compensated FMA (RCFMA) [A31], where, in addition to the
use of an ‘equivalent resistor’ to model the effects of the rectifier and output filter (as in classical
FMA), other components, specifically an additional ‘equivalent capacitor’, is also used to improve
accuracy.
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Figure 1.6 Example voltage and current waveforms of the voltage-output converter.

RCFMA allows the underlying attributes of FMA to be applied to the more complex voltage-output
converter variants whilst still allowing rapid analysis by virtue of employing the fundamental mode
principle. The method has been demonstrated to combine low computational overhead with

significantly enhanced prediction accuracy with respect to classical FMA techniques. Other
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publications from Forsyth [A25], Ivensky et al. [A23], and Sewell ef al. [A36] have directly addressed
the analysis of LCC resonant converters using such ‘describing function’ methods, all providing
incremental modifications to enhance the model of the non-linear interaction between the third-order
LCC resonant tank and rectifier/output filter. Herein, the underlying principles are further extended to

accommodate their use for the analysis of 4"-order LCLC converters.

Although exact time-domain analysis of the resonant converters is more complex than when employing
FMA principles, such approaches are necessary to obtain a complete understanding of converter
behaviour when the ‘sinusoidal approximation’ does not hold. In such cases, the dynamics are more
readily described by time-domain state-variable differential equations, of the form given in (1.1),

x(t) = Ax(t) + Bu(?)
y(#) =Cx () + Du(z)

(1.1)
where A is the state matrix, B is the input matrix, C is the output matrix, D is the direct transmission
matrix, x(f) is the state vector, u(?) is the input vector, and y(?) is the output vector. The state-variable
representation allows the ‘internal behaviour’ of the system to be determined, and hence, the states of
the system to be represented as a trajectory in n-dimensional state-space (‘n’ being the number of

states).

Candidate transient response equation-based modelling environments have been previously reported,
most notably for simulating the control of Quasi-resonant converters [A37, A38] using
MATLAB®/SIMULINK. In such cases, the state-variables, as well as models of the passive and
active switches, are derived, with less computational overhead being required when compared to
component based simulation packages, such as SPICE. Once the composite non-linear state-variable

model is developed, the transient behaviour of the converter can be accurately predicted.

To reduce complexity, state-space averaging techniques have been widely investigated to estimate the
mean contribution of the converter voltages and currents [A39, A40, and A42], to the output voltage,
and rely on the derivation of a number of state matrices, each corresponding to a distinct switching
mode of the converter, which are then combined into a weighted (as a function of mode duty) averaged
model.  Perturbing and linearizing the resulting large signal model about the operating point
subsequently allows the production of a small-signal dynamic model. Such methods therefore provide
a valuable means of analysing both the dc- and ac-behaviour of power converters. However, the

results are only valid if the averaging is applied over a switching interval (T;) that is small compared to
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the converter’s natural response time—the ‘linear ripple assumption’. Unfortunately, operation of
resonant converters is different from that of hard-switched PWM converters, which have high-
frequency energy storage elements whose natural response time is typically shorter than the switching

time, T, [A42], thereby rendering classical state-space averaging techniques inapplicable in such cases.

Other modelling approaches capable of producing basic, yet accurate, closed-form dynamic solutions
suitable for describing the behaviour of resonant converters, have been reported, particularly to
describe the many continuous and discontinuous conduction modes of the classical series-resonant
converter [A43], as well as for the parallel-resonant [A16, A17, A44, A45], and some high-order
resonant converter topologies [A46-A48]. One technique reduces the complicated tank waveforms to
a set of geometric relationships, an example being shown in Fig. 1.7 [A46]. When appropriately
normalised, the underlying tank waveforms are described by segments of arcs and lines in the state-
plane. Determining the steady-state characteristics then consists of piecing together the appropriate
segments, and solving. Equally important has been another averaging concept, in which the dc- and
low-frequency ac-components of the converter waveforms, are obtained, while neglecting high
frequency switching harmonics, thereby significantly simplifying the analysis. The use of circuit
averaging, in this instance, is justified, since the switching harmonics are usually negligibly small at

the load due to sufficient low-pass filtering being incorporated into a well-designed resonant converter.

P /to+0.5Ts

Figure 1.7 Typical steady-state state-plane trajectory of a parallel resonant converter [A46].

Although state-plane analysis approaches have been successfully applied to analyze 2" and 3"-order
converters, systems based on 4"order tank circuits, with nonlinear output current or voltage sources,
become difficult to solve using conventional approaches. This is due to the fact that dynamics of the

higher-order system are tightly coupled, thereby allowing the steady-state behaviour of the converter’s
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operation to be portrayed independently on 2x 2-dimensional state-planes. The required interpolation
between the two design charts leads to a complex optimisation procedure. Due to its complexity (as
will be shown) the voltage-output variant of 4"-order resonant converter has yet to be investigated

using this approach.

1.2. Outline of Thesis

The thesis is divided into nine chapters, organized as follows. Chapter 2 presents the
derivation and application of state-variable models for topologies of resonant converter with higher-
order tank circuits. From basic network theory, the resulting state-variable equations partition the
converter dynamics into fast- and slow-subsystems, to be used as a basis for proposed analysis
techniques that are derived in later chapters. Both voltage- and current-output converter variants, are

considered.

Chapter 3 introduces frequency-domain analysis procedures for the 4™-order current-output LCLC
converter when operating in continuous conduction mode, with a high-Q response. Harmonics of the
input excitation voltage are assumed to be sufficiently filtered by the tank so as to allow the tank
waveforms to be considered purely sinusoidal, thereby allowing basic equivalent circuits to be derived
for the resonant inverter and rectifier/output filter of the converter, which can be combined and solved
using standard ac-analysis. However, when operating conditions are such that the ‘sinusoidal
waveform’ approximation leads to inaccurate results, as in the case during discontinuous conduction
modes of operation, for instance, the use of Fundamental Mode Approximation (FMA) techniques are

shown to be inappropriate.

Chapter 4 therefore develops an alternative analysis methodology for this topology of converter, based
on the cyclic-mode principle. It is shown that the proposed technique provides a mechanism for
rapidly determining the steady-state characteristics of the converter, and, importantly, provides a route
for analytically predicting the voltage and current stresses on the electrical components. Chapter 5
then provides a case-study that applies the techniques for the realization of an LCLC resonant inverter
to meet the requirements for delivering 65V (rms) to a novel, prototype, electrode-less, §W,
fluorescent lamp. Improved energy efficiency and lifetime of the fluorescent lamp, beyond that
normally obtainable by excitation by a 50/60Hz domestic supply, is demonstrated by capacitively-
coupling the output of the LCLC inverter to the fluorescent tube, and using excitation frequencies in

the MHz range.
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Chapter 6 develops enhancements to classical FMA analysis techniques, and gives refinement
procedures that further improve analysis accuracy. Moreover, the resulting equations lead to the
derivation of four new design/synthesis procedures for the realisation LCLC converters that are
subsequently used for the design of voltage-output converters. The analysis technique is then used to
obtain the switching transition times of the converter. From the knowledge of the mode transition

times, cyclic-averaging analysis is employed to facilitate high-speed, steady-state analysis.

Finally, Chapter 8 extends results from the previous chapters to the analysis and design of resonant
converters to provide multiple regulated outputs. In particular, the characteristics of a dual-load LCLC
voltage-output resonant converter, is explored for the first time. Two state-variable models are
derived, one of which incorporates the effects of transformer leakage to improve prediction accuracy.
It is shown that the two outputs of the converter can be independently regulated to provide
asymmetrical output voltage distributions using a combination of frequency and duty control. A
comparison of measurements from a prototype converter, capable of delivering 5V and 3.3V, suitable
for a standard electronic supply, with those from the derived state-variable models, and SPICE
simulations, shows that the underlying equations provide accurate predictions of output voltage under
steady state conditions. Moreover, a digital feedback control scheme is realised that allows contro! of

the transient performance of both outputs under start-up conditions, and regulation at steady-state.
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CHAPTER 2

State Variable Modelling of Resonant Converters

Simulation studies are a powerful supplement to conventional design methodologies to
establish transient behavioural characteristics and sensitivities prior to finalising circuit designs.
Classically, component-based simulation packages such as SPICE and SABER are often used to obtain
large-signal dynamic characteristics of power electronic converters. However, there remains a need for
equation-based simulation models as a result of the prohibitive execution times normally associated

with component-based simulator kemels.

Candidate transient response equation-based modelling environments have been explored, most
notably for simulating feedback control of Fly-back Quasi-resonant converters [B1] in
MATHWORK®/SIMULINK. In this case, equations for the state-variables, as well as models of the
passive and active switches, are derived, and with less computational overhead being required
compared to SPICE. Averaging techniques are used with Fundamental Mode Approximation (FMA) to
model the time-dependant voltages and currents in the resonant circuit, as behavioural dependant
sources. Although an average model of the resonant converter is constructed, the core feature when
deriving the model solution still requires circuit simulators capable of handling behavioural dependant

sources, namely SPICE-type simulators.

Another modelling approach for the single-ended quasi resonant Converter, is proposed in [B2], based
on basic analytical techniques from inductor currents and capacitor voltages. Non-linear differential

equation models are used to accurately predict the transient behaviour of the targeted converter.

The objective of this chapter is to present the application of equation-based modelling techniques for
the rapid analysis of higher-order resonant converters. The half-bridge 4"-order converter, with a
LCLC resonant tank configuration, as shown in Fig. 2.1, is specifically considered, with full-bridge
rectification, and both inductor-capacitor (current-output) and capacitor-type (voltage-output) output

filter configurations.
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Figure 2.1 Circuit diagram of a 4"-order LCLC resonant converter (optional filter inductor Ly).

To derive appropriate models, the converter dynamics are first partitioned into fast- and slow-
subsystems, for convenience. The fast sub-system represents the behaviour of the resonant tank and
power switches, and the ‘slow’ sub-system, the output filter and load [B3]. Although the rectifier is
excluded, the interaction between the fast- and slow-subsystems is described by a set of coupling

equations describing the rectifier’s non-linear contribution to the dynamics.

Here, models of inductive-output converters under both continuous (CCM) and discontinuous modes
(DCM) of operation, are derived, during light- and heavy-loadings. The accuracy of the models is
verified against cycle-to-cycle SPICE simulations and practical measurements from a prototype
converter. Moreover, the resulting models provide the basis for ‘cyclic-averaging’ techniques to be
employed to facilitate steady state behavioural analysis of resonant converters, described in later

chapters.
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2.1. State-variable Modelling of the Current-output Resonant Converter

Figure 2.2(a) shows a 4"™-order LCLC current-output resonant power converter with idealised
reactive components and associated parasitic resistances. The filter inductor L; is often used in high-
power converters, and those that require a low output current ripple, and facilitates a reduction in the
size of the output filter capacitor. In high voltage converters, such as those for TV or monitor CRTs,
the parallel resonant components, L, and C,, can be designed to be the magnetising inductance and
parasitic capacitance of a step-up transformer (not shown in Fig. 2.2(a) for clarity), whilst the series

resonant component, L, takes advantage of the transformer leakage inductance.
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Figure 2.2 LCLC resonant converter (a) Current output variant including parasitic resistances (b) Fast- and slow-

subsystems.

As previously stated, a state-variable model of the converter is derived by partitioning the dynamics
into fast and slow-subsystems, as shown in Fig. 2.2(b) with coupling equations describing their

interaction.
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The fast sub-system describes the dynamics of the resonant tank and power switches, viz.:

dep _ s _IL/; — g

dt C,
dve, i
d G,
diy v, ev
a L,
diy _ Via =Ves =Vep i (Fug + Ty + g ¥ 1)+ Vol +1pin
di L

Noting that the voltage across the parallel resonant inductor, L, is assumed to be identical to voltage
V¢, throughout the analysis. The dynamics of the output filter, i.c. the slow sub-system, are dependent
on the presence, or otherwise, of filter inductor L. When L; is included, the output voltage, V,,, =

(vertviy), and the dynamics of the inductor current and filter capacitor voltage, are given by (2-2):

dvey __ Vg N iR,
dt Cf(RL+rcf) Cf(RL+rCf)
(2-2)
diLf R, . Ty (R, + ’}f) + RL’cf Vs
dt Lf(RL+rCf) Lf(RL+rpf) L,

Under light- and moderate-loading, the coupling equations governing the action of the rectifier can be
derived by considering the voltage across the input and output of the rectifier, and assuming that the
two-pole low-pass output filter is sufficient so as to assume that ripple components are small compared

to the dc output voltage component. In this case:

ip =g sgn(v,)
(2-3)

Ve = |VR’ = Wiode

where vy = v, +1,, (i s —igp —1 R) and v, is the rectifier diode on-state voltage.
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A complete state-variable model for continuous conduction mode operation is therefore:

o 0 -_- L 0 0
c, C, S
1 R
110 0 0 — 0 0 - --%
Vep C, Vep C,
Y 0
Vel | Lo o 0 0 0 Yes 0
‘p | Ly Wiy x
iLs __]_ __1_- rc_p nrds+rcs+rls+rcp 0 0 iL.v 7:"— =z
Yer Lg Ls Ls Ls | R Ver ) 0
iy 0 0 0 0 - L i v
L C (R, +7y) C (R, +ry) /] I
0 0 0 0 B R, _ ne(Ry+rp)+ Ry N
i Lf(RL+rCf) Lf(RL +rcf)
(2-4a)
with the output voltage being given by,
RLr
= - o i+ x vy (2-4b)

The non-linear model obtained for the current-output converter is readily employed in MATLAB for

analysis and design of both the open- and closed-loop configurations.

Figure 2.3 shows a Simulink model of a current-output resonant converter driven by an equivalent
square-wave voltage source, V;,. The ‘dead-zone’ and ‘absolute value’ blocks are used to model the
coupling equation relating the fast- and slow-subsystems. The dead-zone is assigned with a ‘start’ and
‘end’ value of 2v;,,. to offset the rectifier input voltage, v, by the on-state rectifier voltage; meanwhile

the output from the dead-zone block is the equivalent of the bridge rectifier output voltage, v,

To investigate the accuracy of the proposed state-variable model for predicting the steady-state output
voltage, a prototype 4"™-order current-output converter, Fig. 2.4, has been commissioned with the
component values given in Table 2.1. Load resistors of R, = 2.5Q and 5Q are applied. Boundary

conditions between CCM and DCM are reserved until Chapter 4.
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ling of Resonant Converters

Table 2.1 Current-output converter model parameters.

Parameters Values
DC link input voltage, vpc (V) 20
Series resonant inductance, L (uH) 2.7
Stray capacitance of series inductance, Cr; (pF) 12
Series resonant capacitance, C, (uF) 2
Parallel resonant inductance, L, (uH) 54
Stray capacitance of parallel inductance, Cr, (pF) 21.6
Parallel resonant capacitance, C, (1F) 1
Output filter inductance, Ly (mH) 1
Output filter capacitance, C;(1F) 10
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Figure 2.3 MathWorks® Simulink model of the current-output converter.

Figure 2.4 The experimental current-output LCLC converter.
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Figure 2.5 shows simulated steady-state operating waveforms from the state-variable model, whilst
Fig. 2.6 compares the measured output voltage of the converter with that predicted from the proposed
model, over a range of operating frequencies. A discrepancy in the frequency response, is evident, and
is indicative of a shift in the resonant frequency—a common feature of this converter topology, in

which the resonant frequency is highly sensitive to variations in resonant component values.
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Figure 2.5 Simulated waveforms of the modelled current-output converter (a) R;=2.5Q and (b) R,=59.
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Figure 2.6 Simulation results neglecting the effects of inter-winding capacitance (a) Output voltage and (b)

Equivalent circuit of resonant inductor with inter-winding capacitance

Although values of resonant capacitances C, and C, can be assumed to be within standard component
tolerances, the inter-turn capacitance of resonant inductors, L, and L,, must also be accommodated.
One method of accomplishing this is to define inductors L, and L; as frequency-dependent components
that incorporate the effects of inter-winding capacitance, Cr, as illustrated in Fig. 2.6(b). A frequency

response analysis of the series resonant inductor, using a network analyser, indicates that the
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transformer self-capacitance, is =21.6pF, at resonance. The equivalent inductance, L,, is obtained from

the equivalent impedance of the associated parallel branch i.e.:

(2-5)

When the modified values of inductance are used in the model, the results shown in Fig. 2.7(a) and (b),
are obtained, when the converter is operated under the two specified load conditions. A comparison
with results from SPICE simulations confirms that the accuracy of the state-variable model is

comparable.
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Figure 2.7 Output voltage of 4™-order current-output converter: (a) R;=2.5Q; (b) R,= 5Q.
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2.1.1. State-Variable Modelling of Current-output Converter in Discontinuous

Conduction Mode

Discontinuous conduction mode occurs during operation of the current-output resonant
converter when it is subject to heavy loading conditions [B4]. During discontinuous conduction, all
four bridge rectifier diodes, D1-D4, as shown in Fig. 2.8(a), are forward biased and the parallel
resonant tank capacitor remains at zero volts i.e. v, = 0. Such modes occur both above and below the
resonant frequency. Operation of the converter during discontinuous conduction mode operation, is

therefore now addressed, and the state variable equations describing the resulting behaviour, derived.
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Figure 2.8 Current-output resonant converter discontinuous conduction mode operation at heavy load (a)

simplified circuit (b) Resonant tank waveforms.
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Figure 2.8(b) shows typical waveforms of the resonant tank inductor current, i;, parallel resonant
capacitor voltage, vc,, parallel capacitor current, ic,, and rectifier diode current, i, during
discontinuous conduction operation. During the interval 0 <t <¢,, the parallel resonant capacitor
voltage, v, is negative, hence, rectifier diodes D3 and D4 conduct. At the end of this period, v,
increases toward zero and the capacitor current, ic, is positive and rises toic, =i, +i,,. At t =1, the
capacitor voltage vc, approaches zero, and Dy and D, are reversed biased, and D1 and D2 begin

conducting. The capacitor current is now given by ic, =i, i, .

However, during heavy loading, the resonant tank inductor current is less than the output-filter current
ii, implying that the capacitor voltage should decrease after the diodes commutate. However, since
diode commutation does not occur until v¢, becomes positive, the residual current from the output

filter/load, i;; must circulate through the rectifier until i, rises to the level of i, therefore, the rectifier
input current at this stage is i, =i, . Whilst the difference between i, and i is essentially the current

that flows into parallel capacitor C,, according to (2-3), in fact, no current actually flows into C, during
this interval. A new state of discontinuous conduction occurs in which all four rectifier diodes D1 to

D4 are forward biased.

Since this mode is only active when current circulates through the bridge rectifier, at the beginning of a
period where |iR| =i, , it complicates the state variable model, making it necessary to switch between

two modes of operation, namely:

i) Normal conduction: Ivcp’ >0 and |i Rl =i 1 » hence the rectifier operates as a normal.

1) Discontinuous conduction mode (DCM): vaI,I:O and|iR|<iLf, hence the rectifier and

output filter are essentially decoupled from the resonant tank circuit.

To produce an accurate result, the natural commutation between the two modes needs to occur at times

that are precisely determined. The DCM is entered as the capacitor voltage v, reaches 0V, which, in

turn, only happens when|iL|<iLf. During this mode, voltage vc, will always equal 0V, and the
boundary time for when normal conduction resumes, is taken as the instant when the condition |ig| = L

is reached.
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The previously derived coupling equation model therefore has to be modified, and augmented with an
additional SR flip-flop, as shown in Fig. 2.9, to ensure that the rectifier commutates correctly and to
force v,, to zero during clamping.

iy sgn(vg,) for iy 2iy

2-6
i for |i,|<iy 22

Figure 2.10 shows waveforms obtained from the modified state-variable model, simulated to steady-
state, after incorporating the refined coupling equation relating the fast- and slow-subsystems. The
converter (see Table 1) is simulated with R;=0.5 Q and 0.1 to provide heavy-loading and near short-

circuit operating conditions, respectively.

From Fig. 2.10(b) to (d), the occurrence of discontinuous conduction mode is apparent at all
frequencies, slightly above resonant frequency, or at very high switching frequencies away from
resonance under very heavy loading. A comparison of output voltage from the proposed model, and
results obtained from SPICE simulations when subjected to the two heavy load conditions, is shown in

Fig. 2.11. Again, a good correlation between SPICE and the state variable model is clearly evident.
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Figure 2.9 Augmented coupling equation including SR flip-flop.
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Figure 2.10 Voltage and current waveforms of a current-output converter at (a) heavy load (R;=0.5Q) at 140
kHz, (b) near short-circuit condition (R,=0.1Q) at 140 kHz, (c) R,=0.1Q at 105 kHz, and (d) R,=0.1Q at 180
kHz.

Figure 2.12 shows the maximum current through L, obtained during steady-state operation. An
observation from Fig. 2.12 is that the power switches are exposed to progressively lower current
stresses as the loading changes from light load R,=2.5Q to moderate load R;=0.5Q conditions. If the
resonant converter is heavily loaded, the tank sees a near short-circuit at the output, and the resonant

components essentially only consists of the series inductor L, and series capacitor C.

The maximum current stresses seen by the power devices when approaching resonance under these
conditions can be greater than that seen in cases of lighter loadings, namely R, = 0.5 or 2.5Q.
However, since the operating frequency is far away from the series resonant frequency, the peak

current is limited by the reactive impedance of the tank.
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Figure 2.12 Simulated maximum input current of the converter.
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2.2, State-Variable Modelling of the Voltage-Output Converter

A similar approach for the voltage-output 4"-order resonant converter, is now proposed,
through which, a converter model is derived using simple analytical techniques. The result is a non-
linear model that can be readily used by analytical tools, such as MATLAB, for the purpose of analysis
and simulation. Omitting the output filter inductor, L;, however significantly complicates the model of
the converter, Fig. 2.13(a), since, for a specific time interval within the switching cycle, the rectifier
current ceases conduction and the resonant network is effectively decoupled from the output.
Nevertheless, the converter can be analysed using a similar procedure to that presented previously, by
partitioning into fast- and slow- subsystems (see Fig. 2.13(b)), and determining coupling equations to

describe their dynamic interaction.

v, - %
B : : - ||R|’ Ioi ‘
lds Cs les ILs LS Ms IL iR | |
A T - { g
| 4 il D1 4AD3 rar [ [ Vout
| I I V, of ||
[ Vin .IP j 'epl Vicp | ref ‘ _lé A
@4 AL 0 4L R DU I
T ‘ l [ v C] = T
f (RN CRRIVe ct ’I ‘
‘ | > P ""‘ My D4 AD2
g e ! | { ‘ | J
(a)
VCs
fgs Cg Fes iLs Ls g i iR [irl lout
S (¢ {3 T > =
; T ‘ e A [ | Vou
[ Vin Ip Ll Tepl] WVeep Coupling A L A
[ Equation Viet Fof -
@ A Lpy | T =R_
PHL 7l ey
20 fopdl Iy ver | Gt
AL o Lp pl cp ct T |
5 Fast Subsystem Slow Subsystem
(b)

Figure 2.13 4™ order voltage-output resonant converter (a) Simplified circuit (b) Fast and slow subsystems.

The fast sub-system described the dynamics of the resonant tank and power switches is described by:

dep o iLs—in_iR deS -—IA
dt C, ot Gy

Yy _Yo 2-7)
aeee i)

diy, Vin = Ves = Vop — s (Tag + Top + Vg 1) + Tl +1e50R
dt L

s
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As discussed, during periods of discontinuous conduction, when the output filter is dynamically

decoupled from the resonant tank circuit [B3], the voltage across the output filter capacitor is given by,

de_f _ RL ,iR|— va (2'8)
dt Cf(RL+rEf) Cf(RL+rCf)

and, by assuming that the current which flows into the parallel resonant capacitor, C,, is small
compared to that which flows through L, and L, the voltage at the rectifier is dependent on the
direction of the link-current flowing from the resonant tank circuit (i, =i, =i, ). The relevant
coupling term is, therefore, obtained by equating voltages at either side of the rectifier, i.e.:

vCp + vrcp = Sgn(iL )(V:ml + 2vzliode) = Sgn(iL )(va + vrrf + 2vdiotle) (2'9)

Neglecting parasitic resistances, and assuming a constant rectifier-diode voltage, the derivative of (2-9)

simplifies to:

dvg, B KL, (2-10)
a2 ('L)( dt

Finally, the rectifier current, iy, is found by substituting (2-7) and (2-8) into (2-10),
¢

o Cp Yo (2-11)
R sgn(iL)Cp+Cf

sl e, e Ry

This leads to the coupling equation;

C v
i “C(':f—cj—ll‘ + sgn(lL)—(TCpTRLf for IVCPI 2 Voul + zvdiode (2_12)
= + sgn(l
R =ysgn(i)C, +C, . gn(i)Cp +Cp Ry o vaPI <V + 20
The state-variable model for voltage-output converter is therefore given by,
r 1 i |
1 1 _ir
0 0 —-—— — 0
c, c, c,,
Y] 1o o o Cl 0 [ver 0
‘?C.r 1 s ‘.)C: (2_ 1 3)
i, |= 7 0 0 0 0 i, |+ 0
I: P i ,
Sl el L ettt th 0 M ERARA
o L L L L, N A
1 .
0 0o 0 0 ——— lix R,
L Cr(Re+ry) Cr(R, +1)
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To demonstrate the accuracy of the proposed model, a prototype 4"-order LCLC voltage-output
converter (see Fig. 2.14) has been commissioned with the component parameters given in Table 2.2.
Figure 2.15 shows a screenshot of a Simulink model implementing the state-equations, driven by an
equivalent square wave voltage source ¥, The ‘zero-crossing’ function and ‘S-R flip-flop’ blocks are
included to ensure correct commutation of the rectifier current when ig falls to zero (2-12) and to force

Veo= Vourt2Viiode during the clamping period.

Table 2.2 Voltage-output converter model parameters.

Parameters Values
DC link input voltage, vpc (V) 30
Series resonant inductance, L, (1H) 12.6
Series resonant capacitance, C; (1F) 0.737
Parallel resonant inductance, L, (uH) 25
Parallel resonant capacitance, C, (4F) 0.141
Output filter capacitance, Cy(1F) 100
Output load Resistance, Ry () 5,10
Nominal angular resonant frequency, @, (rads™) 21x90x10°

Figure 2.14 Experimental setup for voltage-output 4™-order resonant converter.

Figure 2.16 shows example steady-state waveforms from the state-variable model for two load
conditions. For completeness, Fig. 2.17 also provides a comparison of measurements of output voltage
from the experimental converter, with those predicted from the proposed state-variable model
(including the ‘equivalent’ series and parallel resonant inductances) and SPICE simulations, for

various-operating frequencies. Again, the level of agreement is seen to be excellent.
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Figure 2.16 Simulated waveforms of a voltage-output resonant converter operating at 110 kHz: (a) R,=5Q and

(b) R,=100.
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2.3. Summary

State-variable models of current- and voltage-output variants of 4"-order LCLC resonant
converter, have been derived, with derivation details for dynamically modelling the rectifier and output
filter under heavy load conditions, being given. Prototype converters have been commissioned to
investigate the accuracy of the resulting models, which are proven to be commensurate with results
from SPICE models, whilst requiring lower execution times. Specifically, for the results presented, the
state variable models typically take 1/10" of the time to simulate to steady state, compared to
equivalent SPICE models. The resulting models form the basis of investigations presented in Chapters
4 and 7, where cyclic averaging is developed as a means of rapidly obtaining steady-state analysis

solutions for the converters variants.
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CHAPTER 3

Frequency Domain Modelling of LCLC Current-

Output Resonant Converters

Frequency domain analysis techniques, and variants thereof, are often preferred tools when the
protracted simulation times associated with traditional circuit simulators are considered too lengthy.
When designing a resonant converter with a high-load quality factor (Q), higher harmonics of the input
can be considered to be sufficiently filtered so they present a negligible contribution to the output,
thereby allowing equivalent sinusoidal voltage and current sources to appear at the input to the tank,
and permit the use of Fundamental Mode Approximation (FMA) to be employed to predict the steady-
state behaviour of the converter. Based on FMA, an input-output transfer function is derived that
enables classical ac-analysis to be applied to analyse the frequency response of the converter.
Predictions of output voltage and, importantly, estimates of voltage and current stresses on resonant

components, are also shown to be readily obtainable.

Key features of this chapter are the derivation of frequency domain analysis techniques that rely on
ratios of primary reactive components, rather than specific parameter values, and an analysis of
previously unreported regions of LCLC resonant converter operation that is shown to provide multi-

resonant behaviour.

controlled switches

ass filter
uncontrolled LD

rectifier Ly !
i Sl Hout
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| - | ‘
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Figure 3.1 4™-order LCLC current-output resonant converter.
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3.1. Effective Resonant Frequency of LCLC Resonant Circuit
The resonant frequency of the parallel resonance network L,-C,, (@, =,/1/L,,CI, ), 1s

designed to be below the effective resonant frequency of the overall circuit. During nominal operation

above, therefore, the capacitor reactance, X, is greater than the inductor reactance, X}, and the

op2?

parallel branch components appear capacitive, as shown in Fig. 3.2(a).

Impedance

(1)@2:

Nonmlisedfreqxency
(a)
T ey Cs Ls
[ — {

(b) ()
Figure 3.2 Parallel combination of C, and L, : (a) Impedance curve of parallel LC network; (b) Equivalent

frequency dependant capacitance, C,, and (c) Resulting equivalent 3".order resonant circuit.

To calculate the effective resonant frequency of the complete tank, the combined action of the parallel
inductor and capacitor can be modelled as an equivalent frequency-dependant capacitance, C,,, as
shown in Fig. 3.2(b), with a value given by:

2
c =w CpL,,—l

eq 2
() Lp

G-

The undamped effective resonant frequency of the resulting equivalent 3“-order network (see Fig.

3.2(c)) is then given by [C1, C2]:
C.+C
W, = [—=—2L (3-2)
LsCsCeq
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Substituting for equivalent parallel branch capacitance, C,, yields:

2 2
L -1 L
W = CS + (wo Cl; P )X woz P (3_3)
w, "L, LC(w,C,L,-1)

By rearranging (3-3), the undamped resonant frequency of the tank, w,, is obtained from the solution of
(3-4),
(c.L,c,L ), ~(CL,+CL,+C L ko> +1=0 (3-4)

s™ s~ ptp

giving:

3 2
L _|ehear,ec,L, - JCL +CL,+C,L,) -4CLC,L, 3-5)
o 2C,LC,L,

sHsp

Consideration of the tank shows that the load quality factor of the series resonant components, Q,,,
and angular resonant frequencies of the series (@.,:) and parallel (w,,,) resonant tank components, are
given, respectively, by (note: C,, and L, are nommally the inter-winding capacitance and magnetizing

inductance of an isolation transformer, by design):

Re
Qo1 =—4 _=-u CR

waplLs opiTeed

I (3-6)
LC,

- 1

vt LPCI’

where R,, is given by the output load resistance of the equivalent circuit. For design purposes, it is

convenient to re-express (3-3) in terms of the ratio of resonant tank capacitances,C, =C, / C, and the

ratio of resonant tank inductances L, = L /L, , as follows:

w,2C, L, . W, C,LC,
2 L Ln

n

w, = 2
CsLs[wo CSL.\'Cn _1]

1

3-7)
L

n

which, after rearrangement, can be solved for w, from:

4 4 2
ano _1_ —woz 1+_l_+.g. _l- +1=0 (3-8)
L" wapl Ln Ln wapl
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The significance of (3-8) is that it provides a means of calculating the resonant frequency of the series
resonant tank components, w,,;, as a function of effective resonant frequency w,, i.e.

2

2
0’02(1+%+%J wo4£1+%+%&] _4(%}00“
opt = - Ty s n (3.9)
L, ]9

Moreover, design values for L, and C, can be obtained from the ratio of w, andw,,,; . In particular, re-

arranging (3-9) provides,
2 2
Yo =—L—"—-x 1+i+£"—+ 1+L+Q _a¢6, (3-10)
W opl 2C, L, L, L L, L,

The solution of (3-10) also shows that two resonant frequencies are present, thereby demonstrating that

the converter essentially constitutes a multi-resonant system. The second effective resonant

frequency, . can be solved from (3-10),

2 (l+i+ﬂ]_\/(l+_l._+&]2_f‘£l
[wé] — Ln Ln Ln Ln Ln (3-11)

2C,
L,

wopl

Simplifying (3-10) and (3-11), the load resonant angular frequencies w, and w, can be given in terms

of resonant component ratios and series tank resonant frequency:

1+Ln+C"+\/(T+Ln+Cn)2—4L"C" 3
Wy =Wy e (3-12)
, 1+L,+C, -{(1+L, +C,} -4L,C,
W, =W,y 5C (3-13)
with their ratio being given by,
w, |1+L, +C,,+\/(1+L,,+C,,)2-4L,,C,, G-14)
wr :—-'— = -
@, \1+L,+C,—(1+L, +C,)} -4LC,
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Now, the characteristic resonant impedance of the un-damped resonant circuit, in Fig. 3.2(c), is defined

as,
Z =wl @ (15
thereafter, from (3-5), Z, can be rewritten as,
7 =% Ra Ry @) (3-16)

4
wopl Qopl Qo

where Q, is the load quality factor at the effective angular resonant frequency, w,.

At resonance, the input impedance of the tank, as seen from the perspective of the power switches,
approaches zero, thereby forming the boundary between capacitive and inductive loading. From basic

circuit analysis, the input impedence, Z,, is given by:

_S*LC,L,CyR,y +5°LC,L, +52R,,(L,C, +C,L, +C,L,)+sL, + Ry,

o pileq
” s’C,C,L,R,, +5°C,L, +sC,R,,
4 2, 2
s*C C*L.°R 3Ll
nYs g eq+S CSL_‘- +SZC3LsReq[1+‘Ll-+§A)+-S£§’+Req
_ Ln n n n n =,Z |ejﬂin
3 2 m
s°C.C.°L.R 2
n 2 sTeq S i‘Ls +sCsR,,

n n

(3-17)
where s — jw, . By recalling w,, = 1/ VL,C, in(3-5), the input impedance Z;, can be rewritten as:

[ a 2 2 2 \T
C"’opl Ln wopl n n eq™n wopl
Zin =2,Q,% | a (3-18)
4 2
1 — 4| w,CR,, 1= ZC"
wopl Ln wopl Ln 3

Finally, from (3-5) and (3-17), (3-18) can be re-arranged to give:

r 4 2 2 2
Wo | Cn_| Yo (I+L+QJ+1 + L 1| Yo
wopl Ln wopl Ln Ln QoLn wopl

Z,=2,Q,%x |- (3-19)

4 2 2 c 12
Wo _15 +Q, W, 1_[ W, f
Wop1 ) L, Wopl Wopt n

N
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at the resonant frequency, i.e. as w;, > w,. Consequently, the characteristic impedance, Z_ can be

written as a function of Z,,, the ratio wo/wop,, component ratios C, and L,, and effective load quality

:

factor Q,, as follows,

4 2
9 | G [ 4 [l+i+§1]+1+ R P
Z wopl Ln wapl Ln Ln QoL wopl
C,
LII

n
~Zin, (3-20)
Qo 7 4 2 2
w.a +15+ Qo wo 1_ ._(."_9_
wop] L,, wopl wopl
and design values for series resonant inductance, L, can be obtained from (3-14),
=% (3-21)
wO
and the series resonant capacitance from
2
wo LS
C = 2., 2
wapl Zo
(3-22)
Ls 1+Ln+cn+J(l+Ln+Cn)z—4LnCn
=——X
z}? 2C,

Noting that (3-9), (3-19) and (3-20) are solely dependant on the two ratios C, and L,, the remaining
parallel resonant tank components, C, and L,, are subsequently determined from the prior selection of

C,and L,, viz.

L,
L= i (3-23)

and

C,=C,xC, (3-24)

It should be noted, therefore, that whilst four reactive components exist in this converter topology, it is
their ratios that are important from a design perspective, using the presented methodology, thereby

eliminating the requirement for specific values early in the design procedure.
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3.2. Resonant Circuit Analysis in Continuous Conduction Mode (ws > w.)

This mode, with continuous v¢, and i, occurs when w, 2w, and under light load conditions.
The turn-on losses in the switches are minimised since the switches turn on when i, is of reverse
polarity. Although this operating mode results in turn-off switching losses, ultimately, it is possible to

reduce them by connecting a snubber capacitor in parallel with each power switches [C3].

Here then, continuous conduction operation is analyzed based on a Fundamental Mode transfer
function. Circuit waveforms are shown in Fig. 3.3. The frequency content of a periodic signal f (2) is

obtained from a Fourier series expansion:

0

£ =32°-+ Y ¢, sinfnwt +¢,,)

n=1,2,3...

where

[2 ;2
¢, =vya, +b,

T,
a, =2/T, I £ () cos(nwi)dt (3-25)

T,
b, =2/T, j £(#)sin(not )t

The excitation voltage applied to the input of the tank network can be represented in terms of Fourier

series components over a single switching cycle, of period T,=1/f,, where the amplitude and phase of

Yoc, [, 212
Viy = - Xya,” +b,

nr (3-26a)
¢vi(n) =tan”' (an /bn)

the #-" harmonic is given by;

where
a, =sin{2mD
b: =1- gos(ZzzztD) (3-262)
and duty ratio D is the turn-on time, t,, of the power switches with respect to the switching period, T,
Using FMA, the power switches and diodes are assumed ideal and the effects of the switches’ internal
capacitances, is neglected. The fundamental of a half-bridge square wave input excitation voltage

(D=0.5) is therefore given by,

(3-27)
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A consequence of including an output filter inductor, Ly, is that whilst the voltage appearing at the

input to the rectifier, v, is predominantly sinusoidal, the current,i, exhibits a square-wave

characteristic, see Fig. 3.3.

J_ L I ( ) Vo
Cs Ls iR __’ Lf ‘ s

e |_,,_T = - N R V Aot
‘ ‘ Ve (r ms) Y/ l A
- Zu, b) - : ; L :¢\ :;
\hn (:::)l -,_______[j__ : Y %:(:p :‘Lp ;____E _____ ‘ | “-.u-l.-“ l (:f ﬁ> FzL

D=0.5

Figure 3.3 Current-output converter with key current and voltage waveforms.

The voltage across the resonant capacitor C, is rectified, filtered, and then supplied to the load. To
develop an equivalent circuit, the fundamental component of the voltage, and square-wave current, at
the input of the rectifier, is used to derive an equivalent resistance R.,. By assuming the resonant
circuit adequately filters higher harmonics of the input voltage, the load resistance/output filter and

rectifier can be modelled as an equivalent resistance (Steigerwald [C1]),

s +12

i = vac(rms) 2\/_( X d:ode) o ”2 R 7[2 2v(liode
AT R 2 oA +?-—.—

l{,c(,-ms) 22 . Lout

laur

(3-28)

where v, Vac(ms) a0d 7, are the RMS voltage and current at the input of the rectifier, respectively.

ac(rms)

For simplicity, the rectifier diode voltage, vy, can be neglected to give R, i R, » giving the FMA
o 8

equivalent circuit shown in Fig. 3.4.

It is informative to obtain the frequency characteristics of the 4"-order resonant circuit of Fig. 3.4. The
resonant frequency, w,, and characteristic impedance, Z,, are defined by (3-13) and (3-16). In the
presence of an equivalence load resistance, the load quality factor of the parallel resonant tank
components are defined using standard notation (3-29):
R(
(zopZ = e;; _-(2opr‘L (21 (3-29)

op2™='p

UNIVERg )+
OF 200
Uth’AHy

l

'
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and resonant frequency of the parallel resonant tank component is given by,
1 L
Wop2 = =Wopia[ A (3-30)
Lc, ‘™,

The ac input-to-output voltage relationship is given by the transfer function,

Verhh 3:C.L R,
Vity  S*CyCpL L Ry +S°CoL L, +5*(CpL,Rpy + CiLiRoy + CiL, R,y ) +5SL, + R,
2
Q2 Cy
A Wopa eiCh
4 3 R
S?"”z Spees > +s? Q"”2+ Rez" +Q"”2xgs—}+s+ e
opl Wop2  Wepl Wop2  Wyp) Lp Wop2 CP P
XVLHC Qopl><
oL opl L
G
x,[L G Qopl + — L
wop opl n
\/LnCnQoplC \/L C Qopl \/L C Qop]C L o S E'L +Q \/ZT
L o L C ) : L opl n~n
opl opl Wopl n op n
(3-31)
where s — jw, .
VCs
<
Cs iLs L o :
—— 0 - T ’ l v
ILp I : |
7 A el ey i
”i(l) %1* Vep | 7 'CP e, Lp lch LT la

Figure 3.4 Equivalent circuit of the current-output resonant converter.
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By deriving the describing function of the square-wave input voltage, ¥;,, and the output voltage, V,,,,
the input-to-output voltage transfer function, M,., may be written as a function of the angular

switching frequency, and the definitions given in (3-29),

V.. B8 v
M,, = out =—= e
pe (3-32)
2
s C
2 fQopl
_ 8 » Wopl n
) LS
4 S4 Cn Qop1+ S3 &
4 f 3
wopl Ln wopl L" Q c =
] S
+ xL,C, Qop,+Q"”]+ PR+ f—i +Qopi v LnC,
woplz Ln Ln wopl Ln

where the rms value for the resonant tank input and output voltage are,

v,
Re = 2[ aut (3-33)
_ 22

Viay ='—” Voc

Substituting (3-10) into (3-32) and introducing a design variable A, to represent the ratio of the
effective resonant frequency, and the series resonant frequency, the input-to-output voltage transfer

function for the current output resonant converter, can be rewritten as follows,

M = Vout
ver
Vpc
_Six )‘rZVCn Qopl

x,
PRI e
2 — Q QoCh {c
S_z )‘1’2 ann (Qapl + Lopl + OLpl )+ 0)_ >‘r —LL + Qopl v LnCn
o n n n

o

where, from (3-10),

It can be seen from (3-34) that the input-output characteristic is highly dependant on the choice of C,,
L,, and Q,;.
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Table 3.1 Specification of a current-output converter.

Parameter Value
Effective tank resonant frequency, £, (kHz) 130
Effective resonant tank load quality factor, Q, 2,4,6
Resonant capacitance ratio, C, 0.55152
Resonant inductance ratio, L, 0,0.5,1

Figure 3.5 shows the input-to-output voltage conversion ratio obtained from SPICE simulations, with
those predicted from (3-34), for a converter with the specifications given in Table 3.1. Each

characteristic is for a different value of effective load quality factor, defined by Q, =Q,,, /N, s giving

another key design consideration for the converter.

The 4"-order resonant converter can provide step up, as well as a step down capability. However, it
can be seen that the maximum gain ¥,/ Vi, (Note: ¥;,= 0.5vpc) occurs at approximately the same value
as the effective quality factor, at resonance, if L, and C, are identical. Consequently, the output

voltage, at resonance, is load dependent, and can rise to very high values under light- or no-load
conditions.

VA
A SPICE

Normalised output voltage (\,(’J mN",| )
N w S (8, ]

—
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Figure 3.5 Frequency response of the example converter for varies Q, (C,= 0.5, L,= 0.5)
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Figure 3.6 Frequency response of the 4™-order current-output converter when C, and L, are varied (Q,=2): (a)
SPICE simulation and (b) FMA.

Figure 3.6 shows the converter’s output voltage behaviour as a result of different component ratios,
with the output load quality factor remaining fixed. If Z, and C, are increased in the same manner, the
control curves become ‘steeper’ toward the resonant peak. Figure 3.7 shows a similar characteristic
when C, remains constant and L, is varied; whilst Fig. 3.8 compares the frequency response of the
current-output converter for various C,. From the results, it can be seen that if L, and C, are unequal, a
smaller resonant inductance ratio L, yields a greater voltage boost, close to resonance, and as L,
reduces towards zero, the converter begins to take on the characteristics of a 3™-order converter.
Moreover, as parallel resonant capacitor C, becomes larger, relative to the series capacitor C;, the
frequency response has improved selectivity—therefore a smaller range of frequencies is required for

controlled voltage regulation.
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Figure 3.7 Frequency sweep of converter at constant C,=0.5 and Q,=2: (a) SPICE and (b) FMA.



Frequency Domain Modelling of LCLC Current-Output Resonant Converters

<
3]

Normalised output voltage (\{“/vh )

rd
o

08

4
_ 35}
£
3
@
§ 25}
<]
s
8
3 45
8
E
=

o
w»

46

w

A

/C=0L,=05

N

Normalised output voltage (\(] u/vm )
- N
(5, N

-

3 .
— FMA
A SPICE
£ 25 H
3
?-fl
] {2 ;
S
o
Z
8 15 1
3
3
5. T
g .
a 2
TG 05 -
TS RETT TR 08 0S T R e 2 S T A
Normalised frequency (oJo) Normalised frequency (“’-l @ l,)
(a) (b)
Figure 3.8 Frequency sweep of LCLC current-output converter with varying C, ratio (Q,=2): (a) SPICE and (b)
FMA.
at A — FMA
A SPICE
35} C,=05.L =0 ]

035 0% 1

106 11 115 1.

2 125 13 135

Normalised frequency (o / @ )

(a)

w

N

-

w

N

-

rd
o

Normalised output voltage (Y /V, )

[==)

Normalised frequency (@, .I °o)

(b)

{
o

.
n

8506 07 08 09 1 11 12 13 14

Normalised frequency (@ .l @ o)

(c)

Figure 3.9 Output voltage characteristics curves: (a) SPICE, (b) LCC topology under constant Q, and (¢) LLC

topology under constant Q,.
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It is notable that (3-30) through to (3-33) can be constrained, and used, to describe the characteristics
of other resonant converter topologies, such as the 3"-order LCC and LLC resonant converter variants,

which posses a single effective resonant frequency.

By way of example, when the parallel resonant inductance, L, is selected to be sufficiently large
compared to series resonant inductance, L,, then L,—>0, and the converter behaves like a 3™-order LCC
converter with the un-damped resonant frequency depending on C,, and the effective tank frequency in

(3-9) simplifies to (3-35a). As L,>w, L, >0,

1+C,

(3-35a)

n

Similarly if the series capacitance is excluded, C, is selected to be sufficiently large compared to C,,

thereby C; — 0, C, — 0 and the effective resonant frequency simplifies to,

W, = wop2 lan (3-35b)

Numerical verification of (3-35) is obtained through a comparison with results obtained from SPICE
simulations of LLC and LCC converters, in Fig. 3.9. In both cases, the second resonant frequency w,,

€quates to zero,

At low operating frequencies, the additional resonant peak of the LCLC resonant converter influences

behaviour. Although the use of FMA assumes that the input current is sinusoidal, which still holds for
regions around the second resonant frequency, w! , the output voltage can potentially be greater than

expected (depending on values of C, and L,), with the tank components being subjected to higher

electrical stresses. The characteristics of the converter about the secondary resonance are also

governed by the relationship between the two effective resonant frequencies, w, =w,/w,, .

Figure 3.10 shows the input-output characteristics of the converter as Q,, L,, C,, are varied, with the
switching frequency normalised to that of w, . It can be seen from Fig. 3.10(a) that the normalised

output voltage M,,, is equal to the effective load factor Q,, at both resonant peaks, if L, and C, are

varied together. In addition, the curves are narrower, and the two resonant frequencies are closer, if
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both L, and C, are increased together. Conversely, if L, is much smaller than L,, a wider frequency

bandwidth is required for output voltage regulation.

From Fig. 3.10(b), if the inductance and capacitance ratios are unequal, a higher L, yields steeper
curves with greater gain in the region of the secondary resonance, thereby allowing a higher voltage
output to be obtained than can be achieved by operating about the ‘effective resonance’ of the whole
circuit. Conversely, the maximum output voltage that can be obtained in the region of w],, is lower, if

= C
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Figure 3.10 Output voltage characteristic curves of 4™ order resonant converter (a) at constant load factor Q,=4

and, (b) with unequally varied C, and L, (Q,=4)
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3.3. Discontinuous Conduction Mode of Operation (DCM)

In this mode of operation, the parallel resonant capacitor voltage v, remains at OV for a
period of time. Example steady state waveforms are given in Fig. 3.11. During steady state operation,
the resonant tank inductor current i (= ij,- i;,) is initially zero and SW1 is turned on at ¢ = ¢,. So long as
li] < iou, the output current circulates through the rectifier bridge, which appears as a short circuit
across C,, and keeps its voltage at 0V, as shown in Fig. 3.11. Therefore, v, stays at zero for an interval
that varies according the level of loading on the converter’s output. When i, exceeds i,,, the difference
i1-io, flows into C, causing v, to increase. The boundary between CCM and the DCM can therefore be

analytically determined.

Typical steady state waveforms used to find the boundary condition, are shown in Fig. 3.11(a), in
which a; [C4] is the phase difference between i; and vep. It can be observed from Fig. 3.11(a) that v¢,
1s clamped at zero for a very short period of time under this condition. The fact that «, is positive
implies that the current leads the capacitor voltage. The boundary between CCM and DCM is governed

by the state of v, and i, >i, . Consequently, the condition required to provide continuous mode

conduction, is given by, <i, sin(e;). The equations used to find the boundary between CCM and

out

DCM, have been given in [C4],

tan(q;) > 2 (3-36)
T
- 2i; sin(ai) (3-37)
Mo 2rtfC,
2i cos(a,.)
r = ———— - (3-38)

Substituting (3-37) and (3-38) into (3-36), the boundary condition for continuous conduction can be

obtained as a function of resonant capacitance ratio, C,, and angular frequency, w;,

2 ,
27 fS'CpV,,u, « l'L >_2_
73 oue T (3_39)
0.C,C.R, >2
T

and substituting for Q,, gives,

Qe 7
w 4

opl

(3-40)
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Figure 3.11 Boundary of DCM operational mode: (a) simulated key voltage and current waveforms and (b)

minimum angular frequency, W ni, for CCM.

Finally, (3-40) can be written in terms of the effective tank load quality factor, Q, and angular resonant
frequency, w,,

% >Z (3-41)

o

When the angular switching frequency w; is reduced to a certain level, dictated by Q,, C, and w,, the
parallel resonant capacitor voltage becomes discontinuous. Similarly, v¢, has clamping intervals if the

load quality factor Q, is decreased to a particular level, dependant on w;, C, and w,. Using (3-40) and
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(3-41) to determine the minimum angular switching frequency, and minimum load quality factor, for
continuous conduction, gives

w,

a)s min >
4Q,C,

(3-42)
T,

4C

Qo min >

As can be seen from Fig. 3.11(b), for a constant capacitance ratio C, e.g. 0.4, the converter can be
operated around its effective resonant frequency to sustain continuous conduction if Q,= 2, whilst the
converter has to be operated further away from resonance when Q, is reduced to 1. In the case of high
C,, the converter is essentially always operating in continuous conduction mode if the switching

frequency is above the resonant frequency.

3.4. Component Stresses Analysis

Here, the analysis results of previous sections are extended to include resonant component
stresses. It is useful to know the relationship between the peak and average values of the circuit
voltages and currents, and operating conditions (vpc, Vou, ., €tc.). As previously discussed, the output
characteristics of the converter are sensitive to the choice of C, and L,, implying that the electrical

stresses on the tank components are also affected.

Electrical stresses can be analysed by consideration of the input impedance of the tank (re-written from

(3-17) below, for clarity):

4 2 2C

9 LNQO[%] 1_[%]#

wopl L,, wopl wopl n
(3-43)

Noting that the amplitude of the fundamental of the input voltage, when operating close to resonance,

is v =(2/ ZWpe from (3-27), for the half-bridge converter configuration, the current through the

tank consists mainly of the fundamental, and is approximately sinusoidal—hence, the peak switch

current is equivalent to the peak series inductor current.
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s =

€

Having calculated the input impedance, the peak stress on L, can be readily found from,
Vim _ 2 vpe

4 2 2 2

w, __1_7 + Qa _,‘ﬂov_ 1- [.&)‘? ,C"

opl Ln wopl wopl Ln

2l 7 2Q,"

in T oo 4 2 - 2

MWe |G (o 1 . C 1 W

| - 2 I+—+—"1+1] +|| —— 1=} —*

wapl Ln wapl Ln Ln QoLn wo[}l

and the peak voltage across the series resonant capacitor, C;, is consequently obtained from (3-45),

(3-44)

23
= s 3-45
st W C ( )

sTs

The absolute value for the peak parallel resonant capacitor voltage v, is equal to the output voltage of

the equivalent circuit given in Fig. 3.4, which, from (3-34), is given by,

2
)\ f
. Qapl
5 DC
Ve, = x (3-46)
2 S4 )‘r Cn opl _C_"
a,t L,
0

2
)\ (_—LC (Qopl QLpl+ Z ] ‘/E Dpll

0 n

whilst the peak current amplitude flowing through the parallel resonant inductor, L, is [CS],

- o (3-47)

i
L
e,

and the magnitude of the dc-output current of the converter is given by,
2v
i, = —2 (3-48)
7R,

Here, all analytical terms are now given in per-unit normalised form without change in notation. The

following quantities are chosen as the bases for normalisation:

Voltage stress Vpe
Current stress voc /7,
Angular frequency W,
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: : i Z
A comparison of the normalised peak component stresses—-==2
Voc Voc Vbc Vpc

obtained from (3-44) to (3-48), with those from SPICE simulations, is given in Figs. 3.12 and 3.13,

& P oand 22

, that are

respectively. The prediction accuracy deteriorates for frequencies below resonance, or far away from
resonance, due to the input current not exhibiting a dominant sinusoidal characteristic. As shown in
Fig. 3.12(b), the waveform of the series resonant inductor current i;, becomes increasing triangular
when the converter is operated at frequencies away from the effective resonant frequency. The overall
results indicate that prediction accuracy comparable with SPICE, is possible, particularly around the
resonant frequency, and above resonance. Furthermore, the magnitude of normalised peak iy is shown
in Fig. 3.12(c) when the load quality factor Q, is varied. Similarly, Fig. 3.13(b) shows the magnitude of

normalised peak voltage v, for various load conditions.
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Figure 3.12 Resonant component current stresses at C, =0.5, L,=0.5 and Q,=2: (a) SPICE against FMA, (b)

Simulated waveform of iz, and (c) FMA.
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From Fig. 3.14, the maximum normalised series inductor (L) current can be seen to increase as L,
decreases, indicating that current stresses on L, can be reduced by either having large L, or by
decreasing L,. The effect of increasing the parallel resonant capacitor, C,, is also given in Fig. 3.15,
from where it can be seen that an increase in C, incrcase§ the voltage stress on C,. For completeness, a
comparison of maximum normalised peak switch current imposed on 3“-order and 4"-order resonant

converter variants, is shown in Fig. 3.16.
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Figure 3.14 Characteristic curves of the series inductor current (C, =0.5 and Q,=2).
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Figure 3.15 Maximum parallel capacitor voltages (L, =0.5).
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Figure 3.16 Comparison of maximum current stresses between different converter topology (Q,= 2).

Figure 3.17 shows the normalised output current i,,Z,/vpe versus normalised switching frequency,
for C,=0.5 and L,=0.5. At resonance (w,/w, =1), the output current of the resonant converter is seen

to be independent of the output voltage, and the magnitude of the current is determined by the input
voltage—the converter therefore exhibits a current source characteristic, and theoretically possesses

infinite voltage gain for a constant output current [C2].
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Figure 3.17 Normalised output current as a function of effective load quality factor.
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Figure 3.18 Frequency sweep of normalised series inductor/power switches input current for various L, and C,

(Q=4).

The influence of L, and C, on the normalised inductor current magnitude, at the two resonant
frequencies, is shown in Fig. 3.18. The normalised series inductor current i,,Z, /v is seen to be
higher at w; =w,. Conversely, if L, >> C,, operation about the secondary resonant peak develops

higher current stresses on L,. A compromise is, therefore, required between high inductor current
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stress levels, and the maximum output voltage magnitude, when operating in the region of the

secondary resonant frequency.

When operating at the effective resonant frequency, the stresses imposed on the power switches SW1
and SW2 can be reduced by either decreasing the value of Ly, or increasing value of L,, thereby
lowering the L, ratio. Similarly, a smaller inductance ratio L, is essential for minimising the overall
electrical stress if the system is operated at secondary resonant frequency. By way of example, a
comparison between the predicted output voltage of the converter, V,./ Vi, from (3.34), and those
resulting from SPICE simulations, at steady state, is given in Fig. 3.19, with C,=1 and L,=0.5, thereby
allowing an asymmetrical resonant component ratio (C,>L,) to facilitate a ‘wider’ frequency-controlled

characteristic with higher gain at the effective resonant frequency.

For this example, a voltage gain of M,,=2.5 is obtained through operation above resonance at

w,/w, =1.1 (inductive conduction for ZVS), or by switching at ). Atw, =w!, the series resonant

inductor current is in-phase with the input excitation voltage, and high power factor operation ensues.

Furthermore, the associated current stress imposed on the series inductor is significantly lower at the
secondary resonant frequency (i.e. i,,Z, /vpc =1.8 at @/, compared to 3.5 at effective resonance), with

a consequential reduction in electrical stresses on power switches and resonant capacitor.
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Figure 3.19 Comparison between FMA predictions and simulation results from SPICE (Q,=4, C,=1, L,=0.5).
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3.5. Summary

The derivation and verification of frequency domain models for the steady-state analysis of
the 4"-order current-output resonant converter, has been presented. Results demonstrate the accuracy
of the model to predict the dc output voltage from the converters, and to estimate voltage and current
stresses on the resonant components. Morever, characteristics associated with mutli-resonance
behaviour, for the two identified resonant frequencies, is considered, and operation of the resonant
converter around the secondary resonant peak, is proposed, to faciltate a reduction in switching losses

and operation at improved power factor.
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CHAPTER 4

Cyclic Averaging Analysis of Current-Output Resonant

Converters

Classically, resonant converters are analysed through the use of Fundamental Mode
Approximation, as described in Chapter 3, or variants thereof, which can predict the steady-state
behaviour of the converter to a degree of accuracy dictated by assumptions made during modelling.
Large-signal state-variable modelling, introduced in Chapter 2, has been shown to provide very
accurate transient time domain solutions, although the computational overhead (due to its reliance on
integration) is often prohibitive, and impedes the use of such techniques in an interactive design

environment,

These limitation can be accommodated to some degree by considering only steady-state solutions to
the state-variable equations, which, as will be shown, provide analytical solutions for investigative and
design validation purposes. Here then, the development and application of cyclic averaging techniques
[D1, D2], based on derived state-variable dynamic models of the current-output LCLC converter, for
determining the steady-state behaviour, is proposed. By comparison with previously published
techniques, the method has the advantage of allowing any piecewise-linear state-space model
describing the operation of a power converter, to be analytical solved without the pre-requisite of a

transient-based simulation. Cyclic averaging therefore provides a rapid design and analysis aid.

Although the application of such techniques requires a-priori knowledge of the resonant converter’s
behaviour (operation in either continuous or discontinuous conduction modes, for instance), they are
demonstrated to provide an attractive altemative to traditional FMA-based analysis for evaluating

performance, and provide results of higher accuracy with commensurate computation overhead.

Comparisons between results of cyclic averaging and those obtained from SPICE simulations and
experimental measurements from a prototype converter, are included, to show that accuracy
comparable to SPICE is readily achievable whilst requiring only a fraction of the computation

overhead.
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Further, it is shown that, by suitable manipulation, the resulting models can be directly employed to
analytically predict the voltage and current stresses on the resonant components, which is a key feature
in the design of resonant converters since they tend to be higher compared to their hard-switched

counterparts,

4.1. The Cyclic Modes
A power converter is considered to operate in a cyclic-mode when the state vector x(7), at any
time ¢, is equal to x(¢+nT), where T is the switching period of the converter and » is a positive integer,
i.e. x(t+nT)=x(f). For resonant converters, each cycle is comprised of multiple operating modes, M,,
each dependent on the state of the input voltage and the rectifier input/output voltages and currents.
When considering operation in a cyclic-mode, a system of piecewise linear (state-space) equations that
describe the converter’s behaviour, in each of the modes, during a cycle, can be derived, viz.:
x;, =Ax +B, 41
where x; is the state vector, A; represents the dynamics and B; is the excitation matrix during the i

operating mode.

For the i* mode, (4-1) can be solved analytically to give:
t
xi(6)= e x; 1)+ IeAi(t_T)Bi dr =®x;(6)+T; (4-2)
0

1
where @, = ®(t,2,)= ™", T, = [e*“")B.dr,and x,(t,) are the initial conditions for the i* mode.
i 0 s 4 i ivo
0

By noting that the time during which the circuit operates in the i* mode is d,T, where d; is the duty, the
complete solution for the converter can be obtained by employing the state vector at time d;T as the

initial condition for the subsequent dynamics of the (i+1)" mode.

The need to evaluate the integral in (4-2) is a key cause of computational overhead when analysing the
system in this manner. However, by combining A; and B; to form an augmented dynamics matrix, (4-

3), the integration overhead can be eliminated at the expense of obtaining only the ‘cyclic’ steady-state

solution [D1]:
i[fit)HAf B)(_(’_)] o Li0)=A40) (43)

dri 1 011 1 dt
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Now, if mode 1 corresponds to the time period between t, and ¢, and mode 2 corresponds to the time
period between ¢, and #,, the solution for the state vector at the transition time between modes 1 & 2, ¢,

is given by:

X (tl) = eAllefcl (fo) = (i)l)el (to) (4-4)

Similarly, the state vector at the transition time between modes 2 and 3, 4, is,

%)= 9A2d2T£2(10)=(i)2d‘)1’21(’0) (4-5)

In general, for the /* mode:

#(t,)=d,0,_, - & ilty) = D, (o) (4-6)

where &, , =(¢)(’)"‘ T'IO’J, and £(;) is the state-vector at time # for an initial condition #(t,), and,

therefore, by definition of the cyclic mode, is equivalent to the initial condition for the cyclic solution.

Since behaviour in the cyclic mode necessarily presumes periodic steady-state operation, the initial

condition for operation in a cyclic mode is given by,
1
x per (tO) = (I - q)mt )_ Ttol (4'7)

and the state-variables at any subsequent time are obtained from (4-6).

4.1.1. Averaged Steady State Solutions

The mean output voltage of the converter is obtained by averaging the state-variables over a

complete cycle:

1 0+T
Xav =3 Ix(t) dt (4-8)
T 4

Again, the requirement for evaluating the integral is prohibitive to rapid analysis. However, by
augmenting the state-vector withx,,(¢)=x(z)/T, the solution of the resulting system can be
simplified. Consider, for example, the dynamics of the converter during the i mode of a cycle,

X, =A;x; +B,; 4-9)

and

X g =t X, (4-10)
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The resulting dynamic description is:

x(¢) A; B, | 0 x()
% 1 = 0 010 1 (4-11)
xi_av(t) di/Txln 0 0 xi_av(t)

or

z'i(t)’__xizi(t) (4-12)
and the initial condition for the cyclic mode is:

xper (tO)
)= 1 (4-13)
0

In a similar manner to that presented in the previous section, the averaged state-vector is obtained as:

Z(tO + T) = &)mém—l " '&Slz(tO)
(4-14)
xper(to)
At +T)=| 1

x(l v

from which the average output voltage (or current) of the converter, together with the average voltages

(or currents) across (through) the reactive components in the circuit, can be determined.

4.2. Cyclic Mode Analysis of Current-Output Converter in Continuous Conduction

Mode

Classically, to obtain time-domain descriptions of the resonant converter, the non-linear
differential equations have had to be solved numerically to find the cyclic-mode initial conditions.
However, if the transition times between modes are known, initial conditions can be successfully
obtained using cyclic analysis without the necessity of performing complex integration. Subsequently,
the initial conditions are applied to determine average steady-state solution of the converter output

voltage.

However, due to the complexity of operation, involving different numbers of modes associated with

low and high loading, the model matrices, and related duty times, are derived separately for each case.
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Figure 4.1 Dominant operating modes of a 4"-order current-output resonant converter under light load (operated

above resonance).

Since Zero Voltage Switching (ZVS) is necessary for efficient operation, cyclic averaging is only
considered here for frequencies above the system resonance (which is the norm). For operation above
resonance, then, the current-output LCLC converter exhibits six modes of operation within each

switching period, for light load conditions.

The modes are defined with respect to the polarity of the input voltage, V;,, and the state of the series

resonant inductor current iy, and the parallel resonant capacitor voltage vc,. These are:

| ModeIMD) [ V0 [ ve<0 | in<0
[ Mode 2 (M2) ‘ V>0 ] vep<0 [ i>0
I Mode 3 (M3) | V>0 , V>0 [ i>0
| Mode 4 (M4) [ Via=0 | ve,>0 ‘ i>0
{ Mode 5 (M5) | V=0 ] ve,>0 [ i1<0
| Mode 6 (M6) [ Viu=0 ’ ve,<0 ‘ i1,<0

As previously described (Chapter 2), a state-variable description of the circuit can be obtained by

separating the dynamics into fast- and slow- sub-systems.
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The combined state-variable model and coupling equations are ultimately given by (4-15).

[0 o -L il 0 0
C, c, o
1 _tr
Mo 0 0 0 — 0 0 roo
vCp Cs VC,, CI’
Vel | Ly g 0 0 0 ves 0
iL Lp in 0 .
. P + o+ . +| Viy  Teplr
i __1- _l rc_p _ Tas * Tes T 1is rcp 0 0 Is I +L_
\.’Cf Ls Ls Ls Ls va * 0 :
iy 0o 0 0 0 - 1 i ite s
- - Cf(RL +rrf) Cf(RL+rcf) " b ;
0 0 0 0 RL _r/f(RL+rcf)+Rchf -
I Ly (R, +7y) Ly(R, +1y)
(4-15a)
iR = I‘Lf Sgn(vCp) (4 15b)
Vy= |VR| = Vgiode
and the output voltage equation is given by,
R 977 .
” L Xy +—r g Xi, (4-16)

—RL+rcf 7 RL+rC/

There is no clamping action on the parallel capacitor voltage so the input voltage to the rectifier
simplifies to:

vR=vCp+GC(i,_S—in—iR) 4-17)

During each mode, the dynamics matrices A, and the input excitation matrices, B;, are obtained by
substituting the appropriate elements of the coupling equation into the state-variable dynamic model,

and considering the polarity of the input voltage and the direction of the rectifier current [D3].

For instance, during mode M1, V;, > 0, i, < 0 and v¢, < 0, and consequently, the rectifier current is

negative. The coupling equations in (4-15b) therefore reduce to:

iR = —lLf
VR =V +rcpiLs +rcpiLf —rcpin (4'18)

Vp= ~Vep — Yepbis = rcplLf - rcple - 2vdiode
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Substituting (4-18) into (4-15), the particular piecewise linear state-equation for mode M1 is given by

the matrices,
_ | _
0 o0 -+ A 0 i
C, c, c, | |
0 0 0 2 0 o .
1 C 0
— 0 0 0 0 0 0
A = Ly . A
L L e atatnty T .
Ls Ls LS LS LS 0
0 0 0 ——]——— _._._RL_ _2v(liod¢-
Cf(RL +rif) Cf(RL +rcf) i Lf ]
__l.. 0 _2”_ _5(2 R, ’If(RL +rt‘f)+GC(RL +r€f)+Rchj
L Lf Lf Lf Lf(RL +rcf) Lf(RL +r‘,f)
(4-19)

Similarly, the dynamics matrix, A,, and the input matrix, B,, for mode M2 (¥, > 0, i,; > 0, v¢, < 0) are

given by,
) ;
( 0 o0 -+ 1 0 L
C, C, 2 _ —
0 0 0 1 0 o .
C, .
Li 0 0 0 0 0 o
V.
|| =
e B R e e 1y Bl 2
Ls Ls ‘s LS LS 0
0 0 0 0 I _L _ 2, diode
Cf(RL +rcf) Cf(RL +er) | Lf |
Lo = T R, rRuAr e (R +r)+Rry
| Ly L L Le(R, +ry) LR, +ry)
(4-20)
whilst the modal equations describing operation during M3 (V;,> 0, iy, > 0, v, > 0) are:
- | -
o o —- 1 0 L
G, C, 2 -
0 0 0 1 0 0 .
1 & 0
- 0 0 0 0 0 0 (4-21)
Sl 5| L
’ __l _1 _rgi TasHes sy 0 @ L
b L4 b L 0
0 0 0 0 — 1 _& Viode
Cr(R +ry) Cr (R, +1y) L |
Lo & L R ey (R +rg) 1 (Ry 41+ Ry
L Lf Lf Lf Lf(RL +rcf) L /(RL +rcf)
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Due to symmetry, the modal and excitation matrices for converter operation in M4 (¥;,=0, iy, > 0, vg,
>0)and M5 (V;, =0, i, <0, v, > 0)and M6 (V,, = 0, i, <0, v¢, < 0) are given by:
Ag=A,y

r ] h
o o L L 0 L
CP CP P
0 0 0 -1—- 0 0
C,
L 0 0 0 0 0
LP
A. =
I 1 Ty Ta et try 0 Top
L, L, L, L, L,
I R,
0 0 0 0 - —_—
Cf(RL +r(f) Cf(RL +rcf)
_1_ 0 T Ty _ R, _r,f(RL +rtf)—rq,(R,_ +rpf)+R,_rCf
i Lf Lf Lf LI(RL+r“f) Lf(RL+r(‘f) J
Ag=A;
X T
B,={0 00 0 0 ——disde | _B —B,
Ly

(4-22)
Initial conditions x,,(#;) can be obtained by substituting (4-19) through to (4-22) into (4-11), (4-13)

and (4-14) along with the transition times associated with each mode.

4.2.1. Determining the Duty-times of Each Mode

To describe the steady-state behaviour of the converter operating in a cyclic mode, the cyclic
modal matrices, together with their corresponding time periods, are substituted into (4-11) and (4-13).
Although accurate determination of the duty-times is critical for correct determination of initial
conditions, FMA is now initially considered sufficient for the purpose when the converter is operating
in continuous conduction mode, and when the output-filter inductance is considered sufficient to
provide a ripple-free output. In this case, the voltage waveform presented to the rectifier bridge is
considered sinusoidal, and the rectifier input current is considered to be square-wave. Since, using
FMA, the rectifier and output filter of the resonant converter are modelled by an equivalent

resistance R,=1°R, /8, a simplified equivalent circuit of the resonant converter is shown in Fig. 4.2.

When operating above the system resonance, the impedance of the resonant tank appears high to the
input-voltage harmonics if the load quality factor Q is high, and the series resonant inductor current,

which coincides with the input switch current, is approximately sinusoidal.
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Figure 4.2 An FMA equivalent circuit modelling the fundamental components of the resonant tank waveforms.

The input impedance, Z,,, of the resonant circuit in Fig. 4.2 is given by,

s* Q;”’Z il] ok > | +5? R"z" 4 Qo2 +2‘Q“”2 +s+%
Dop) wopZ Wopl Wopl Lp Dop2 p@op2 P JBin
Zin = C.R 5 Izinle
s3 CQup2 sy kel +s[—s eq]
Dopr L p
(4-23)
where normalised parameters are employed for brevity, as given below:
@, =1/yL,C,
D42 =1[L,C,
(4-24)
Q 5
=
€ woplLs
Qop2 = &
S
i opZLp

Making the substitutions — j, , the phase angle between the fundamental of the input voltage V;, and

the fundamental of series inductor current iy, is,

4 Qop2 = 2 Req + Qop2 + Qop2 + Req
& 2 2 s 2 Ty C,o L
=l — Wy Cs =] Wop1 Dop2 Wop1 Lp op2 n%op2 P
B = tan =T 50 —tan -
[0)
o, steq _wsz( A op2] o, 1= 9Ps g
LP mop2 wopl

(4-25)
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At t =1, defined as the time at which the series resonant inductor current passes through zero (end of

M1), duty d, is obtained from the phase angle (4-25) and is normalised by dividing by 2x:

d, = Lo (4-26)
2z

The duty for M2, d,, is derived by finding the phase difference, 7, between the fundamental of the

input voltage and that of the parallel capacitor voltage, from the equivalent circuit of Fig. 4.2.
Neglecting parasitic resistances for the moment, the parallel capacitor voltage vc,(s) is described, in the

Laplace domain, by:

82 QopZ
vCp (S)” 2 wopZCn
Vw o« R Q, Q R
2
st 7(2;"’2 rsd 5 +s? 2+ 0"C +—op2 +s+—Le"
a)op] coop2 a)opl wopl Lp wopl n map2 r |

(4-27)
Again making the substitution s—jw,, . in polar representation (4-27) is sufficient to determine the

mode length for M2 (normalised to angles between 0 and 21), as follows:

R w2 |, Re ’
a)s“[ Q;,,z }+0)52[ ;”L +CQ"”2 +sz]+L_q forw{l—[ Os ] ]20
0, o, w, WDopy @, : o,
——2!;>< tan! opl “op2 Yop1 Lp 2 p2 P2 Pl d, pl
w,|1- @s 3
wopl
d2 =
0)54 Q;pz 52 Rezq Qopz + Qap2 J + eq
1 1 A wapl wop2 a)opl Lp C"wapz wapz LP 2
-—+—xtan 2 —d o,
2 2r¢ P fora|1-| — <0
;g 1- < a)opl
wﬂpl

(4-28)
The remaining duty times are found through symmetry.
dy=d
e (4-29)
d5 = dz

d6=d3
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Equations (4-25) and (4-28) are therefore sufficient for analysing the behaviour of the converter when
only the fundamental makes a significant contribution, and the load quality factor is high, and the
circuit is operated in the region of the system resonant frequency. For higher operating frequencies,
however, the parallel capacitor voltage becomes increasingly distorted (non-sinusoidal), and errors
when calculating the duty-times (due to the existence of higher harmonic components) can have a
significant effect on the accuracy of the calculated initial conditions, and hence, output voltage

predictions,

The contribution of additional harmonics in the analysis, can significantly enhance the accuracy, at the
expense of much greater complexity. However, simulation studies show that harmonics beyond the 5*
do not make any significant contribution. By way of example, denoting ¥}, as the amplitude of the
input square-wave excitation voltage, and the n-" frequency component of ¥, a frequency-based

summation can be employed to describe v¢, (assuming linearity), (note jw is replaced by s for

convenience):
Qop2
v = 2Vm x § 1 wopZCn
Cp -
2 n=1,3,5.. n Q 1 R Q 2 Q 2 R
(sn)* —— 2 |+(n) 5 +(sn)| —Z—+ c P+ 222 \ysn+ Le"
wopl wopZ wap] a)opl Lp na)opZ wopZ P J
(4-30)

Furthermore, it is known that omitting parasitic resistances can have a significant effect on the
accuracy of the predictions obtained from cyclic averaging (when comparing with experimental
measurements), due primarily to the sensitivity on the predicted phase angles g, and y,.
Improvement in the accuracy of duty-time calculations can be made by the inclusion of components
associated series parasitic resistances, giving:

Ve ®

=2Vi")< i l wop2c 14 LP
r n {

nei3s... +R L, i
13,5 (Sn)z( eq).,.sncp(R ot Rty +1. +E—]+R +r,p}(( n) +snC R +1]

snC,R, cr.n 1,
—%{(sn)ch wt sn[l + —’—’Z”—lj + —”]

tot
P @, 2

[1)] op

op 2

snC R C,r.h r
+ ul:(sn)z C,r,+ sn(l + —”—Lc'i—l‘iJ + lj—”j'

wopz C 4 P

(4-31)

where the total parasitic resistance related to the series resonant tank, R, =7, +r, +r,.
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The phase-angles, and hence, the mode duties, are again found after substituting s = ja,. The steady-
state behaviour of the converter is determined from the averaging of cyclic modal matrices for each

operating mode along with their corresponding duties.

4.2.2. Component Stresses Analysis

As previously discussed, whilst the soft-switching characteristics of resonant converters serves
to enhance efficiency compared to equivalent hard-switched converters, the electrical stresses to which
the resonant components are exposed can be much higher than those found in traditional hard-switched
counterparts. An assessment of electrical stresses is, therefore, of significant importance during the

design of resonant power supplies [D4].

Conveniently, the cyclic-averaging method provides a ready means of calculating steady state values
of voltage and current stress on the resonant components. Although the stress level imposed on the
resonant components and switching devices are higher in transient operation, e.g. during start-up and
output load change, the transient voltage and current only flows through the resonant converter for a
short period of time, as shown in Fig. 4.3. Although higher start-up current caused thermal ‘hot-spot’
to build up on the centre of inductor core that leads to increased core loss, forced cooling can be
achieved using fan mounted on the inductor itself to mitigate the thermal effect. Therefore, steady state
current stress values are considered sufficient for establishing the required inductor rating during
design stage. It is observed from Fig. 4.3 that, the maximum start-up voltage stress can rise up to 1.8
times the normal stress levels in steady state. The higher voltage stress on the dielectric material can
reduce capacitor life-time, and significantly compromise the reliability of resonant capacitors, thus

additional safety margin is necessary to ensure reliable operation of a resonant power supply.

Py RS

Voltage stress, VC - V)
Current stress, \_‘ (A)

S e 40 i i

02 04 06 08 1 12 14 16 18 2 0 05 1 15 2
Time (ms) Time (ms)
(a) (b)

Figure 4.3 Current and voltage waveforms at ;=140 kHz and R;=5Q (a) v, and, (b) iL.
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The following analysis considers excitation of the converter above resonance (the normal operating

condition).
Vin l E R e . Vc;_max ’7
'.........‘.E. ........ rpde s e .

»0

ol _ s e <o Vo 2
H T :tst_u\ax ~ tth_ma)l'.'Tu/4

---------------- il
ten =Yl 20+ T4

Figure 4.4 Cyclic mode analysis current and voltage waveforms.

Referring to simulated steady-state current and voltage waveforms in Fig. 4.4, and ignoring parasitic
resistances, the resonant inductor current, i;; and the resonant capacitor voltage, v, are displaced in

phase by 772 rads. Hence, the maximum voltage across capacitor C, occurs when i;,=0.

Taking the input voltage vs. current phase lag £,, in (4-25) and normalising through division by 27,

the time at which #;,=0, and the time at which v, is @ maximum, is in mode M4, i.e.

ﬂ'n
s max =32 (+32)
From (4-6), the maximum series capacitor voltage is given by:
5, =[0 1 0 0 0 0 ofMemehdTohiT Al (1)
(4-33)

where T, is the switching period.
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The maximum series inductor current is phase-shifted by n/2 from v, , hence, i, is a maximum at time
tits_max= tves max—(Ts/4) and can occur in either M2 or M3 (depending on operating frequency). The time
at which i, is a maximum (7, ) is therefore given by,

(@

iLs _max )

2 A (tiLs _max ~1Ts) AdiTs -
x(tiLs_max_model) =e - el sxper (tO) for tiLs__max = (dl +d2 )Ts

A3(tiLs _max —(d1+d2)Ts ) pA2da T LT, 5 A

per (t) for tiLs_max <=

i(tiLs _max_ mode2 )=e 2

(4-34)
and

i,=[0 0 01 0 0 0R(u ) (4-35)

{Note: with increasing switching frequency the series inductor current becomes increasingly triangular,
and the time required for the current waveform to reach its maximum value ultimately increases to

s man= (d\tdy+d;) T,}. Referring to Fig. 4.4, the maximum voltage across the parallel resonant

capacitor ( v, ) is phase-shifted from d, by 7/2 rads.

Hence, the maximum parallel capacitor voltage ¥, occurs in either M3 (V;,> 0, v¢,> 0) or M4 (¥, =0,

v, > 0) depending on the switching frequency, and, using FMA, occurs at time:

t

vCp _ max
4
@, Qop2 2 Req CsQop2 + Qop2 + Req
2 + 2 + C —L
t = TS Ts -1 Cl)"l’l a)al’2 a)apl Lp pop2 wcpZ P
vCp _max_mode3 — T _2_tan F 5
T o,
w,|1- 3
wapl J
=4
4
@, 2Q0p2 +CL):2 Rezq + ngapZ + QopZ + Req
P = T T tan™! Dopt Dopa Dopi Lp pPop2 Dopy Ln
vCp_max_modeﬂt__Z_zﬂ 7 —1an 2
o,|1- s
s 2
wapl

(4-36)
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Substituting (4-36) into (4-6), the peak stress across the parallel capacitor, Vep s 1 given by,

i(tvCp_max)

A WTdT,) AT, AT for ¢ <T‘

- v max —h Ty = « « —_—

x(tv('p‘max_modeS) e I e xPE’ (to) vp max 2

- Altcy mux=05Ty) AT, AT, e 2 T

(v max modes) =€ "% e™ e % e () for Ly max >
(4-37)

and

vCp - [1 0 0000 O]x(tvCp max (4'38)

With reference to Fig. 4.4, the maximum current pr flows through parallel resonant inductor L,, at

time #;, nx=dsT, and occurs in M5. The state at which i, 1S a maximum (?LI, ) is therefore given by,

i(tin_max)
(4-39)
= ¢l _max) e/?,d,n 82311, Ay, T, Alde xper(tO)
and
,=[0 0100 0 0k(ty ) (4-40)

As previously discussed, the calculated initial conditions are sensitive to the accuracy of duty-times,
implying that the electrical stresses on the tank components are also affected. Higher harmonics
component of the input voltage can be added into the analysis in a similar manner to (4-30), to enhance

the accuracy, at the expense of much greater complexity.
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4.3. Cyclic Mode Analysis of Current-Output Converter in Discontinuous

Conduction Mode (DCM)

Discontinuous conduction operation occurs when the current-output converter is heavily
loaded. Ultimately, when the load on the converter is high, the resonant network cannot supply
sufficient current to maintain conduction to the load when the rectifier commutates, and results in
distorted rectifier currents when the tank current flows through the rectifier diodes, until i, — iy, > I,,,,.
Under such circumstances, the input voltage across the bridge rectifier v becomes discontinuous, and,

for a short period of time, parallel capacitor voltage vc, is clamped to ~0V.

Two additional modes of operation, see Fig. 4.5, are therefore included to account for this
discontinuous behaviour, when v, =0. Again, the variables in the cyclic modal matrices are the states
of the input voltage ¥, and parallel capacitor voltage. Whilst there are two states for the input voltage,

the parallel capacitor voltage now has three states to describe the discontinuous conduction mode.

..»0

- 0

ceepreccann

Figure 4.5 Dominant operating modes in discontinuous conduction mode.
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Consequently, by assuming a positive input voltage transition marks the start of a cycle, the convention

for mode description becomes,

| Mode I(MD) [ V>0 | we<0 | 00
[__ Mode 2 (3) { Tso f ek { 50

' Mode 3 (M3) r V>0 [ Vep= [0
‘ Mode 4 (M4) { V>0 f ve,>0 { >0

| Mode § (MS5) ! V=0 [ vep>0 j i>0

‘ Mode 6 (M6) { V=0 { ve,>0 { i1,<0

[ Mode 7 (M7) f V=0 “{ Vep= | i,<0

[ Mode 8 (M8) [ V=0 1 vep<0 [ Tin<0

As before, the dynamics and input excitation matrices are found by substituting the coupling equations
into the state-variable dynamic model, and considering the state of the two variables. Accounting for
the behaviour of the distorted capacitor voltage, the coupling equation simplifies to,

if sgn(vcp) for ]iL’ 20

iR =
i for |i|<iy (4-41)

VR =vCp +rcp(iLs _in _iR)

During M1, ¥, > 0, v¢, < 0 and ij; < 0, and consequently, the rectifier current is negative, and the

particular piecewise linear state-equation is dictated by the matrices,

- . _
o o L 1 o L
Cp Cp P
- -
0 0 0 L 0 0 0
1 © 0
— 0 0 0 0 0 0
L, V.
Al = Bl = ~n
L B B Tas Hles H s + 1 0 e L
Lg L, L, L RL, 20
'
0 0 o0 0 S SR _ R _ Ztode
Cf(RL +rcf) Cf(RL +rcf) L f i
s 0 Ty Ty ~ R, _r,f(R,_+rcf)+rcp(R,_+rcf)+Rchf
Rz Ly Ly LRy +ry) LRy +ry)

(4-42)
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During M2, V,, >0, v¢, <0 and i, > 0 giving,

0 0 _L
Cp
0 0 0
LL 0 0
- I4
S N S T
L.\' LS LS
0 0 0
L 0 L.
| Lr Ly

= Hﬁ'—-ﬁﬁ'-

Fas T Ves 15 +rcp

L
0

5

Top

Ly

0

1
Cr(Ry +ry)
R,

Cr(Re +1y)

R +r )+ r, (R + 00 )+ Ry

T L (R, +ry)

L[(RL +r(f)

]

76

[ e 1

A

L.\'
0
2 Vdiode

Ly

4

(4-43)

In M3, ¥, > 0 and i, < i, hence, v, = 0. The excess current from the output filter/load now circulates

through the rectifier bridge, and the coupling equation reduces to:

iR

=l T lp

VR:O

The particular piecewise linear state-equation for M3 is therefore given by,

0 0
0 0
L o
LP
A3= _.L __1..
LS LS
0 0
0 0

0

0

0

1
CS
0

_Yas H s 0

L
0

S

(==l

1

0
R,

CC (R, +1y)
RL

Cf(RL + rcf)
_ rlf(RL +rd)+RL"cf

T LR +1y)

Lf(RL +rcf)

oh“";-‘o o o

_ 2vdio{le

L,

(4-44)

(4-45)

and the dynamics matrix, A4, and the input matrix, By, for M4 (V,,> 0, v¢,> 0, i, > 0) are given by:

(0 0o --L
Cp
0 o
1
Lo o
LP
A, =
N DL I
L: LS LS
0 0 o0
Loy
| Ly L,

=) hﬁl.—-,QQ'...

Fis +Tes 75 +rcp

L
0

5

Tep

Ly

0 —a
0 0
0 0
rcp
0 <
Ls
R _ R
Cr (R, +ry) Cr(Ry+ry)
_ RL _’cf(RL +rc/)—rcp(RL +rcf)+RLr‘.f
Lf(RL+rcf) LRy +ry)

ot~ |§o o o

_ ZVdiode

(4-46)

J
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Again, using symmetry, the modal and excitation matrices for converter operation in the subsequent

half switching cycle, are given by,

As=Ay,
o o - L 0 e
CP Cp Cp
0 0 _1_ 0 0
o
L 0 0 0 0 0
L,
Ag = ’
____l_ _L r(‘_p _rds+rcs+rls+rcp 0 rl‘_p
LS Ls Ls Ls Ls
0o 0o o 0 S S _ R
Cf(RL +r‘.f) Cf(RL +r,f)
L 0 __f‘;e_ _Q’L _ R, _r[f(RL +rcf)—r,p(RL +r{f)+ Rchf
| Ly Ly Ly Le(R, +1y) Ly(R, +1y) ]
A7 =A3 A=A

T

Bs=Bs=B7=Bx={0 0000 __ZM
Ly

(4-47)

As before, the cyclic-mode initial condition, x,.(%), for the converter subjected to heavy load

conditions is obtained through substitution of the piecewise linear equations from (4-42) through to (4-

47), into (4-11) to (4-14), along with the switching transition times associated with each operating

mode.

4.3.1. Determination of Mode Duty-times during Discontinuous Operation
Fundamentally, when the converter is subjected to high loads the resonant network cannot
supply sufficient current to maintain conduction to C, when the rectifier commutates, and results in
distortion of the rectifier voltage, and vz 0. Whilst the transition time in continuous conduction mode
operation can be approximated through FMA, or similar frequency-domain techniques, significant
errors are incurred when estimating the duty times during heavy loading. In an effort to overcome such
deficiencies, the ‘Extended Fundamental Frequency Analysis’ reported by Forsyth et al. in [DS] for
3“-order LCC resonant converter, is modified and extended here, for the more complex LCLC

converter counterpart.

In [D5], the non-conduction phase angle &, is introduced as a measure of the interval when vep

remains at zero, and where, at the end angle 8 = é.,,4, the rectifier resumes normal conduction. @; now
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denotes the phase-angle between the input current i, and capacitor voltage v¢,. Using basic network
theory, v,, can be expressed as a function of the two key angles 6.,,¢ and @;. Having obtained a
suitable description of vc,, the fundamental impedance Zc,, of the parallel combination of C, and

rectifier, can be derived from Ohms law.

An equivalent circuit for the converter is obtained by replacing the bridge rectifier, output filter and
load with Z,) as shown in Fig. 4.6, and the impedance of the resulting equivalent circuit is used to

calculate the input voltage vs. current phase angle 3, and all the remaining duties.

Figure 4.6 Equivalent circuit modelling the fundamental components of converter waveforms in DCM.

At the beginning of a cycle, when v, commutates to zero at ¢ = £, the resonant network cannot supply
sufficient current to maintain conduction at the output, and the current waveform into the rectifier
bridge i is equal to that of current flowing out of the inductor L,-L, network. Since the difference
between the currents flows into C,, V¢, remains at zero within the interval 6,4 until the current 7,

exceeds the output current 7. At the end of the interval0< 6 <4, , the rectifier resumes normal

conduction. The parallel capacitor voltage, v¢,, can be expressed as a function of angle & by

considering the positive half cycle of the waveform shown in Fig. 4.7.

During the normal conduction interval §,,,, <0 < 7, vg, is given by,

o
L [i,sin(0+a)-i,d0 (4-48)
27,Cp 57

Vep (0)=

where 7, sin(0+a,) =iy, - iy, is the resonant tank link current.
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80 6=n

Figure 4.7 Waveforms during DCM operation.

Employing trigonometric functions, cos(a + )= cos(a)cos(8)-sin(a)sin(B) and evaluating the
integral in (4-48) yields,

- iL COS(H + Q,; ) + iL COS((SmmI + q,; ) + iou/ (6raml _ ”) (4_49)
27 ,C »

vCp(a) =

Exploiting symmetry between the positive- and negative-half cycles of operation, the parallel capacitor

voltage can be expressed as a function of angle,

for 0<8<6 4
~ iL COS(@ + ai)+ iL cos((scoml + ai)+ ioul (6coml — ﬂ.) for 5 <0<
) (0) _ 27#; C,, cond
&\ 0 for 7<O<m+3,y
iL COS(0 + ai)— iL COS((sw”d + al’)_ ioul (500n11 - ”) for 7+ 6 <0<2r
279‘;Cp cond

(4-50)
To determine the boundary defining the capacitor-charging period, it is noted that Vep(t) =0

andvc,(7) =0, and expressions for the parallel capacitor vc, when it tends to OV, can be obtained,

—i cos(ai)+ i cos(&md + a,)+ boiOcond -0 (4-51)

6=0-v,(0)= 27 C
sV p

and

- iL COS(I[ + ai)+ iL Cos(acond + ai)+ ioul (6cond — ”) =0
27,C »

=7 —->vg, (7)= (4-52)
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Under steady state conditions, the output voltage (¥,.) from the converter, can be determined, by
calculating the average voltage across the bridge rectifier during a complete cycle. Since the resonant

current charges the parallel capacitor during intervals J,,,, <6 <z and7 +6,,,, <6 <2r, the output

voltage can be determined from,

1 n 2z
Vo = —ﬂ-{b [y @+ [- wm} (4-53)

5 cond A+0

Again, exploiting symmetry over half a switching cycle, substituting (4-52) into (4-53) and evaluating

the integral allows the solution for ¥,,,, as follows:

___l ']' —1i, COS B+a )+i, cos(émm, +0,)+ i (8o —ﬂ)de
T 27.C,

288 s — B =8y’
iL sin(a,- )+ (ﬂ' - acond )iL COS(§CD",1 + Qa; ) + iL Sin(acond + aQ; ) + iout( : 2 o J

2% f,C,
(4-54)

By noting that the output current is described by i, =i, sin{a, +8,,,4), and the output voltage by

Vou =i Ry » (4-54) can be rearranged to give,
iy sin(a, )+ (7 - 6., )xi;, c08(8,,,4 + )+ i, sin(a; + 0, )x [1 + AOans — i——Jﬂ +2§“’”" ]
R, =
Loty = 2”2fscp

sin(a,.)+ (71' -0, d )cos(é‘wnd + a,.)+ (1 + 76, 0ns — ﬁu%’ﬂ-) 27r2stLCp] =0

(4-55)
The key step in determining the three mode transition-times is to obtain the phase-angles 8,,,; and a;.

Equations (4-52) and (4-55) can be solved numerically for these angles,

2 2
sin(a, )+ (7 - 8. )c0s(8,,, +a,)+ [l + s — (I-T—Lfﬂ—)— 27r2stLCp] =

—cos(z +a,)+cos(8,,,, +a, )+ (8., —)sinla; + 8,)=0

C

(4-56)
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Having established satisfactory values of §,,, ande,, from (4-49) the fundamental frequency

component of the parallel capacitor voltage, v, is given by,

[vc,(6)e a0

Seuma

Yooy =

NIN

— z J. lL cos 9 ta; + lL Cos(é‘caml +a; )+ Lout (5('()'1(1 - ”) x e_j0d9
7, 27f.C,

(4-57)
The ‘extended fundamental frequency analysis’ equivalent impedance, modelling the non-linear
behaviour of the parallel capacitor voltage and filter, is therefore given by,
Zepy

) 2sin(a;, +6,,,y ) sin(a,, ) — cos*(a,, ) — c0s*(@;, + 8,y ) + 2

P
7S C + jsin(a;, + 8,4 )(2 cos(a,, ) +cos(a,, + 8,4 ))+ sin(e,, )cos(e;, )+ 0, — 7
(4-58)

The overall system impedance Z,, of the equivalent circuit is,
Z, = jo L +—r1f | ] (4-59)
Jjw,C, stLp Zey

The M1 transition duty (d)), is defined as the time when input current iz, =0, and can be derived from

knowledge of Z, . Taking the input voltage vs. current phase angle B, , and subsequently

normalising by 27, yields:

d 1 4 wsz (LsCsZCp(]) + LpCsZCp(l))— Zcpny
| =—Xxtan 3
2 o, (o, LL,C,—L,)
(4-60)
Exploiting symmetry over a half switching cycle, the remaining duties are found to be:
°
Y
d3 - 5cond
2n
d,=05-d,-d, -d,
ds =d, (4-61)
dg=d,
7=y
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4.4. Accuracy of Cyclic Averaging Analysis
The accuracy of the cyclic-analysis, and the related averaging method, for predicting the
steady-state behaviour of 4"-order inductor-loaded converter, is now demonstrated by comparison with

measurements from a prototype converter, Fig. 4.8, with components given in Table 2.1, over a range

of operating conditions.

Figure 4.8 Experimental setup for current-output 4™-order resonant converter.

Table 2.1 Voltage-output converter model parameters.

Parameters Values
DC link input voltage, vpc (V) 20, 25, 30
Series resonant inductance, L, (uH) 2.7
Series resonant capacitance, C; (1F) 2
Parallel resonant inductance, L, (utH) 54
Parallel resonant capacitance, C, (uF) . 1
Switching devices internal on resistance, r4 () 0.04
Inductor L series resistance, r;; () 0.1
Inductor L, series resistance, r;, () 0.15
Instantaneous diode forward voltage drop, vyiss. (V) 0.85
Output filter inductance, L;(mH) 1
Output filter capacitance, Cy(uF) 33
Output load Resistance, R, () 2.585

Nominal operating frequency, f; (kHz) 140
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By way of example, Fig. 4.9 compares predictions and measured output voltages, for two light load
conditions, whilst Fig. 4.10 shows the resulting electrical stresses on tank components. For
comparison purposes, Fig. 4.10(c) shows experimental waveforms of measured voltage/current
across/through the resonant capacitors and inductors, whilst operating in the region of the resonant

frequency.
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Figure 4.9 Output voltage of current-output LCLC converter (a) R;= 5Q and (b) R,= 2.5Q.
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Also, for completeness, the variation of output voltage, with excitation frequency, derived using cyclic

averaging, is compared with practical measurements from the experimental converter, loaded with R, =

5Q for two input voltage levels, in Fig. 4.11. In each case it can be seen that a good correlation

between predictions and measurements exists.
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Figure 4.10 Currents and voltages of current-output LCLC converter: (a) Predicted and measured current stresses

(b) Voltage stresses and (c) Experimental waveforms of the current-output LCLC converter.

An example state-space portrait showing the converter’s behaviour (during continuous conduction

operation), from cyclic analysis, is given in Fig. 4.11(c). From an execution speed perspective, the

cyclic-based averaging predictions take ~10ms in MATHWORKS® MATLAB to analyze the current-
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output converter at one frequency point, compared to an execution time of 73s for the SPICE transient

analysis (Sms to steady state with maximum step size of 1/10; ).

In general, it is notable that the overall calculation time for generating a frequency sweep of the output
voltage using cyclic averaging, is typically 1/10,000® of that for the generation of similar results using
SPICE. Likewise, the execution time is at least 1/1000™ of that for the integration-based state-variable

model simulations.
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Figure 4.11 Predicted output voltage from cyclic averaging: (a) ¥, = 25V, (b) Vi, = 30V and (c) State plane
trajectory predicted by the cyclic averaging.
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For completeness, Fig. 4.12 gives a demonstration of accuracy of cyclic-analysis for predicting the

output voltage of the converter when it is subjected to heavy loading conditions. The output voltages

determined from state-space model simulations are compared with those obtained from cyclic-analysis,

and confirm the accuracy of the proposed methodology.

As a matter of interest, Fig. 4.12(c) shows an example state-plane portrait of the series resonant

inductor current, i, against the parallel capacitor voltage vc, during discontinuous conduction mode.
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4.5. Summary

A methodology based on cyclic-averaging techniques to facilitate the high-speed, steady-state
analysis of current-output resonant power converters, has been presented, and its virtues have been
demonstrated by comparing predictions with measurements from a 4™-order converter. State-variable
dynamic descriptions for each operating mode, have been derived, and analytical formulae have been
employed to estimate the mode duties for converters operating in both continuous (CCM) and

discontinuous conduction modes (DCM).

The subsequent peak electrical stresses have also been estimated using an extension to the cyclic-
analysis methods. The accuracy of the proposed analysis methodologies has also been demonstrated
by comparisons with practical measurements, SPICE simulations, and the results from the non-linear
state variable model, and are shown to require significantly less computation overhead at the expense

of only obtaining steady-state solutions.
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CHAPTER 5

Case study: LCLC Converters for Capacitively-
Coupled Electronic Lamp Ballasts

Features of the 4"-order LCLC resonant converter, have been considered in Chapter 3. From
the input-to-output voltage transfer function, in Fig. 3.5, it can be seen that for w,/ w,= 0.85 to 1.3,
load regulation is relatively poor, especially near resonant, at w,/ w, = 1. If good load regulation is
desired, then the converter has to be operated above w,/ w,= 1.3. Operation far below resonance also

leads to the influence of the secondary resonance, or discontinuous mode operation.

Although such features can make LCLC converters ill-suited for some classical power supply
applications, they can be employed to particular advantage in specialized applications. One such use,
is for fluorescent lamp ballasts, and, here, a prototype 12V:300V ballast is considered as a case-study
example. The electronic ballast normally requires a very high no-load voltage, prior to lamp ignition,

and subsequently, a lower converter output voltage at full load.

Methodologies for analyzing and designing an LCLC resonant ballast, operating at 2.63MHz, are
given, with the high operating frequency being shown to facilitate capacitive discharge and appropriate
filtering for EMI, with near-resonance switching, at high load quality factor, promoting high efficiency

operation.

State-variable dynamic descriptions of the converter, are derived, and subsequently employed to
rapidly determine the steady-state cyclic behavior of the ballast during nominal operation, and,
importantly, provide estimates of the voltage and current stresses on resonant tank components.
Furthermore, from the frequency domain analysis equations, a structured design procedure to realize
4"-order electronic ballasts, is given. Simulation and experimental measurements from a prototype
ballast circuit driving a 60cm, 8W T5 fluorescent lamp, are included, to demonstrate the accuracy of

the modeling and design methodologies.
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5.1. Fluorescent Lighting—Background

Fluorescent illumination takes a major role in today’s lighting requirements (with around 1.2
billion units being produced per annum) due to benefits afforded by crisp white light output compared
to traditional incandescent and high intensity discharge lamps. Fluorescent lamps also provide a higher
Lumens/Watt output, and higher efficiency, particularly when excited at high frequencies, typically 30-
50kHz, by virtue of there being insufficient time between each half cycle of the supply for a significant
number of mercury ions in the discharge to re-combine (and thereby necessitating a re-strike), as

occurs with standard mains frequency excitation, for instance.

The affect of this non-linear frequency dependence of lamp voltage and current can be seen from a
comparison of Figs. 5.1(a) & 5.1(b), which show the voltage vs. current relationship for an 8W, 60cm,
TS5 fluorescent tube excited by S0Hz and 50kHz input voltage, respectively. The relative ‘loop area’
shows that less re-combination occurs within the lamp between each half cycle of the input voltage

when high frequency excitation is employed.
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Figure 5.1 Lamp voltage vs. current: (a) SOHz excitation; (b) 50 kHz excitation.

Typically, fluorescent lamps are constructed with an oxide coated, tungsten filament electrode.
Passing current through the electrode prior to striking, to heat it (termed pre-heating), lowers the
electrode work function, thereby allowing electrons to be emitted more readily. This consequently
allows the lamp to strike at a lower voltage than would normally be required, which in-turn reduces
damage to the electrode from ion bombardment during the ignition event. Despite electrode pre-
heating, however, the most common lamp failure mechanism is due to breakdown of the coating on the
electrodes, giving rise to a blackening at one end of the tube, and the lamp subsequently acting with

similar characteristics to that of a gas diode.
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To circumvent this problem, and ultimately increase lamp lifetime, electrode-less lamps have been
developed with various techniques being employed to sustain the arc viz. RF induction and capacitive
discharge, by Wharmby [E1], that usually require excitation frequencies in the MHz range. Bakker et
al. [E2] also demonstrate the use of impedance measurements to understand the non-linear effects of
stray impedances associated with RF discharge. Along with increasing lifetime, electrode-less
excitation also removes the loss associated with electrode heating, and, therefore, encourages higher
operating efficiency. Although RF discharges are extremely stable, the lack of inexpensive, efficient
electronic ballasts has impeded the development of commercially viable capacitive discharge lamps.
Nevertheless, such lamps (for example the 2.5MHz GE Lighting Genura 23W, and 2.65MHz Philips
QL 85W commercially available induction coupled lamps) are increasingly becoming preferred
candidates for use in inaccessible environments (high-ceiling sports halls, for instance) and where low

maintenance is a requirement.
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Figure 5.2 Lamp characteristics (a) Measured voltage and current characteristics and (b).

To provide ignition and sustained light output from the lamp, an electronic ballast must develop
sufficiently high voltage, typically between 400V and 1000V, for striking, and subsequently provide
current limiting to promote stable operation. The latter issue is a key motivator for adopting resonant
converters for lamp ballasts, since, after striking, the lamp exhibits a negative incremental impedance
characteristic, as shown in Fig. 5.2(a) for an 8W lamp. The output impedance of resonant converter
naturally acts to counter this destabilizing characteristic and encourages steady continuous operation.
For example, Fig. 5.2(b) shows the effect of output impedance of resonant converter in stabilizing the
lamp current. Before the lamp is ignited, the resistance of fluorescent tube presented to the output of
the ballast, is infinite i.e. the output stage is essentially an open-circuit. A very high voltage, V. is

required to achieve gaseous discharge.
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Upon application of ignition voltage to the lamp-ballast system and establishment of ionization, the
lamp voltage decreases whilst the lamp current increases. The internal impedance seen by the lamp,
Rismy=Viumy/ I has negative incremental characteristic. As illustrated in Fig. 5.2(b), the output
impedance characteristic of the resonant converter has a positive gradient, and the resulting operating
characteristic of the lamp-ballast system will also have positive impedance gradient. Consequently, the

ballast stabilizes the lamp characteristic.

When operating without electrodes, the requirement for high frequency excitation also provides the
additional benefit of reducing the volume envelope requirements of the reactive components of the
ballast; although this is at the expense of significantly complicating the design of the ballast since

circuit behaviour can become dominated by parasitic elements.

5.1.1. High Voltage Resonant Electronics Ballast Selection

Electronic ballasts with half-bridge series resonant inverters are relatively straightforward to
design, and have been widely reported e.g. [E3, E4, ES], along with more complicated 3“-order LCC
inverter variants [E6]. More generally, however, for applications that are battery powered or require
battery backup facilities, for instance, the low DC input voltage must be ‘boosted’ for lamp ignition
through the incorporation of a step-up transformer [E7]. Time domain mathematical models used to
describe compact fluorescent ballasts have been previously reported in [E8, E9], where theoretical
results of series-resonant and series-parallel LCC electronic ballasts are shown to provide good
agreement with measured data, at the expense of requiring significant computation overhead. More
often therefore, designers resort to Fundamental Mode Approximation (FMA) [E10, E11] for
simplifying and speeding-up the design and analysis process, at the expense of neglecting the

important harmonic and sub-harmonic content of the circuit voltages and currents.

The 4™-order resonant converter shown in Fig. 5.3 is particularly suited to high voltage electronic
ballast applications, where, on the account of the high frequency behaviour of the fluorescent lamp, the
gas discharge can be modelled by resistor. In such cases, the subsequent effects of the high-frequency
transformer’s leakage inductance and inter-winding capacitance can have profound effect on circuit
behaviour, and are best represented by a model of a LCLC inverter. The 4"-order resonant inverter
avoids problems such as current and voltage spikes associated with leakage inductance and winding
capacitance, by incorporating them directly into the resonant tank elements, thereby eliminating the
effect caused by transformer parasitic, and allowing the converter to operate efficiently and reliably.

Indeed, other low order resonant converter topologies, such as the series and parallel inverter variants,
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when used in high voltage and high frequency applications, with a non-ideal transformer, are likely to

exhibit 4"-order characteristics.

As described previously, the widespread adoption of such high-order resonant inverters, has been
impeded by and the lack of suitable design methodologies that can provide an accurate and rapid
analysis of the circuit at the design stage; particularly those that consider the significant effects that
parasitic resistances, capacitances and inductances have on the resonant tank behaviour. Here then,
cyclic mode analysis is again considered as a candidate technique for the rapid analysis and design of
an inverter, suitable for use as an electronic ballast, with the lamp providing a suitable candidate

application for exploitation and verification of the analysis methodology.
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Figure 5.3 Proposed resonant inverter for fluorescent lamp ballast applications.

5.2. Analysis of Resonant Inverter in Cyclic Mode

Figure 5.4 shows the proposed electronic ballast in terms of idealised reactive components
along with their associated series parasitic resistances. At very high frequencies, the reactance of the
low value capacitances, C,,, become very small. This allows the impedance of the capacitances to be
modelled as part of the internal impedance of the converter. Upon ignition, the output impedance of the
resonant converter compensates the negative incremental resistance effect of the fluorescent lamp, thus
the inverter’s output can then be conveniently modelled as a pure (apparent) resistance, R;. In high
frequency inverters, such as considered here, the parallel resonant components, L, and C,, are designed
to be the magnetising inductance and parasitic capacitance of a step-up transformer, whilst the series
resonant component, L, takes advantage of the transformer leakage inductance. In this way, the high

order circuit is achieved with few additional passive components.
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Figure 5.4 Simplified circuit of electronic ballast.

A state-variable dynamic model of the circuit can be derived by considering the resonant tank
components and power switches:

dep b iLs _in B NiRc

dt Cp
dves B! i
atees Ce
(5-1)
diL,, Ve~ ip (rcp + r,p)+ Tollyi Nrcpzke
dt L,
diLs L5 Vin i Coask Cp _iLs(rds +rcp + e +rls)+rcpin 1 NrcpiRc
dt L,
with the resonant inverter’s output voltage vg, and load current iz, given by:
VRe = N(VCp 17 rcp(iLs _in -~ NiRe))
(5-2)
RN vCp'*'rcp(iLs—in)
L R +N?
( i + rcp)
The resulting state-variable model is therefore:
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To demonstrate the accuracy of the model, a prototype 4™-order LCLC inverter (vpc = 12V, L, =
2.6puH, L, =4uH, C; = 6nF and C, = 3nF, R; = 470Q) is considered. A step-up high-frequency toroidal
transformer with secondary-to-primary turns ratio of N = 2, is also incorporated. Figure 5.5(a) shows
the predicted steady-state operating waveforms from the state-variable model, and Fig. 5.5(b)
compares the output voltage derived from state-variable model (simulated to steady state) with
measurements taken from the experimental ballast. Although the state-variable description can
accurately model the transient behaviour of the 4" order inverter, as before, the execution time remains
prohibitive due to the requirement for integration. As discussed in detail in Chapter 4, this drawback
can be abated to some degree by only considering the steady-state behaviour of the circuit, thereby

allowing analytical solutions from the state equations to be obtained for investigative and design

validation purposes.
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Figure 5.5 State-variable model simulation result of the 4™-order LCLC resonant inverter (a) Voltage and current

waveform and (b) Output voltage against frequency.

In particular, cyclic modelling, which has been employed previously for 4"-order current-output
resonant converters in Chapter 3, provides a convenient methodology to facilitate the rapid solution of
the steady state voltages and currents for the 4"-order ballast considered here. For operation above
resonance, which is the norm, by describing the input voltage as a bipolar square wave, it is possible to
see, that, for a particular resonant inverter, the initial conditions can be found from just two dominant
modes, termed Mode 1 (M1) and Mode 2 (M2), which are defined with respect to the polarity of input
voltage V;, [E12], see Fig. 5.6.
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Figure 5.6 Dominant operating modes and definitions of phase angles.

Cyclic mode descriptions of circuit behaviour are given by the dynamics matrices A; and the input
excitation matrices, B; for each mode. During M1, the state of input excitation voltage is ¥;, > 0, and
the piecewise linear state-equation is defined by the matrices:

-

N, 1, Nr A Ny
Cpx (R, +N?r_) Cp, C,x(R +N%rp) C, C,x(R,+N%r,) .
1
) 0 0 0 . ) 0
- 2 s =
1 _]__ N e 0 -rq,+r,p T 1 V(,),,
LP pr(Ri+N2r¢p) LP LP ) 2 L_‘
__1_+ Nzrqo _.1_ To Nzrcp2 _rd,+ra+rcp+r,, . N e
| L Lx(R+N%r,) L, L, Lx(R+N’rp) L L x(R;+N’ry,)
(54)

Due to symmetry, the dynamics matrix A, and the input matrix, B,, for inverter operation in M2 (V,, =
0) is given by:

Ay=A, and, By=04x (5-5)

It is desirable to solve for the initial operating condition, and subsequently, the steady state output
characteristics of the resonant circuit, from (5-4) and (5-5).

However, this can lead to high computational overhead due to requirement for integration, but is

considerably simplified when cyclic mode analysis, presented in Chapter 4, is used. In this case, then,
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operation of the resonant inverter in a cyclic-mode can be described by a system of piecewise linear
(state-space) equations viz.:

X, =Ax +B, (5-6)
where x; is the state vector, A, and B, represent the dynamics and input excitation matrices, given in (5-

4) and (5-5), respectively, during i*=1, 2 operating mode.

During M1, (5-6) can be solved analytically, giving:

xi(£)= eV x () + jeA](t_T)Bl dr =@ x(tp)+ T, (5-7)
0

t
where @, = ®(1,1,) =™, T, = IeA("’)B, dr, and x,(z,) are the initial conditions. By de-noting the
0

time during which the circuit operates in M1, as d\/f;, where d, is the duty and f is the operating
frequency, the complete solution for the system can be obtained by employing the state vector at time
d\/f; as the initial condition for the subsequent dynamics of M2.

As described in Chapter 4, by combining A, and B, to form an augmented dynamics matrix, (5-8), the

integration overhead can be eliminated at the expense of obtaining only the ‘cyclic’ steady-state

£

Now, if M1 corresponds to the time period between ¢, and #,, and M2 the time period between ¢, and 1,,

description:

the solution for the state vector at end of M1, ¢,, is given by:

.4, A
f‘l(tl)=eAl Asjl(to)=®1fl(to) (5-9)

Similarly, the state vector at the transition time between M1 and M2, #,, is
A )<d2 a AoA
%()=¢" /f"xz(to)=®2®1xl(to) (5-10)
In general, for the m™ mode:
#e)=D:®,y - D1iltg) = Do 2l1o) (5-11)
s (@i T o) : - L
where @, = 11/ and x(t,-) is the state-vector at time 1, for an initial condition i(t,), and,

therefore, by definition of the cyclic mode, is equivalent to the initial condition for the cyclic solution.
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Since behaviour in the cyclic mode necessarily presumes periodic steady-state operation, the initial

condition for operation in a cyclic mode is given by,

xper(tO): (In _(Dmt )_thot (5'12)

Since only two dominant modes are considered, depending on the state of the input excitation voltage,
symmetry dictates that the duty of each mode is 0.5T;, where T, is the period for one cycle i.c.
d,=0.5, d,=0.5. Substituting (5-4) and (5-5) along with the mode duties, into (5-9), (5-10) and
(5-12), therefore provides the initial operating condition of the circuit in steady-state and an analytical

solution for circuit behaviour.
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5.2.1. Cyclic Mode Analysis: Component Electrical Stresses
For the resonant inverter circuit considered, the peak component stresses depend phase angles,
B and 7, defined in Fig. 5.6. Assuming v,, is predominantly sinusoidal, and neglecting resonant

component parasitic, for brevity, the Laplace transfer function of the circuit is:

SonpZ
(¥ 2 a)opZCn
T/—(S) =— 2 3 (5-13)
B V4 S R R
i QopZ " 8 > +52 e2qL+&;_Qopé +S)op2]+s+_gt]_
L Wopl Wopy  Wopl WDop1 Lp op2&n op2 P
where
w1 =1/\L,C
i o (5-14)
Qop = 2= wopZCpReq
wopz P
and
R, =R - Ramp (5-15)
q N2 N2

Substitutings — jw,, the phase angle v, as a function of the operating frequency, is sufficient to

determine the normalised duty—d,, , therefore denotes the duty when v, goes to zero, as follows:

2 2
2| Dy QopZ NZR,' CnQOI)Z Qopz N R,’
@, 2 + 3 + + +

1 -1 a)opl wopZ wopl Lp a)vl’2 wopZ LI’ w 2

5 xtan for 1-——20
2z .2 w 2o
5 1
w x| 1- 5 op
a)opl
dep_O =9
2 2
) 2 a)s Qop2 + NzRi + CnQapZ + QopZ + N Ri )
2 2 @

1 1 - wopl wopZ wopl Lp wOPZ w“l’z LI’ for 1-——<0

—-—+—xtan w 2

2 2x 2 op!

@
o, x| 1-—
wopl
(5-16)

Referring to Fig. 5.6, the magnitude of output voltage ( Vg, ) is seen to be phase-shifted from the end of
the duty time d,c, o, by 72 rad., by virtue of the voltage vg, being sinusoidal and in-phase with vc,.

Notably, vy, can occur in either M1 (¥, > 0) or M2 (¥, = 0) depending on operating frequency.
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From (5-16), the maximum voltage v, occurs at,

t

vRe_max
t vCp _max_mod el
2 2 2
@ 2| @s QopZ + N R,‘ + CnQopZ + QopZ + N R,‘ )
2 2 , w L _ @Dy >
T, T, -1 WDopt Dopz Dop Lp op2 op2 I for 1 5 20
=—-———tan " O
4 2r o,
o x| 1= 5
wopl
=4 . ,
s
Lyep _max_modez for 1- 3 <0
2 2 2R opl
@ 2| Wg Q0p2 + N R[ + CnQopZ + Qop2]+ N R, r
2 2 o, ) L
T, T, -1 Wop1 Dopz  Wgpi Lp op2 op2 P
=-—-—=+—tan .
4 2 w
g x| 1-—2
wop]

(5-17)
Substituting (5-15) into (5-11) the states and the output vy, at =z, max, Can be obtained:
R(tyre._man. moder) =€ PP-TT (1) for fyme max <0.5
Home_max) = . Aalvey max-dIT) AT, = fOr  t,pe_max > 0:5
X(fyRe_max_mode2) =€ - e X per(f0)
and

=[N 0 0 0 O (5-18)

vRe_max )

The magnitude of voltage stress across C, immediately follows from v, /N . The input voltage vs.

current phase angle, 3, after normalising by 2 is:

des_max
3
x[l a)SZ ] o,CR,y, @, CQ,p
@ - 2 L -
a
= 1 x t -1 Wppi ——Xtan_l P i op2
=X tan 4 R Q Q R 27 T olC,
Ds Q0P2 —w? “q op? + op2 e
2 2 L
Dypl Wop2 Dypl Lp Dop2 anopZ p

(5-19)
Referring again to Fig. 5.6, the series resonant inductor current, iy, and the resonant capacitor voltage,
Ve, are displaced by 272 rad. v, is 2 maximum at the zero crossing of i;,, which always occurs in M2
by virtue of operating the tank inductively, hence, the time at which v¢, experiences the maximum

voltage stress is given by ¢

vCs_max = dycs _max T
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From (5-11) and (5-19), the maximum series resonant capacitor voltage is therefore given by:

e =[0 1 0 0 0]eComax ATz () (5-20)

The maximum series inductor current is phase-shifted from v by 72. Hence, iy, is a maximum at
lits_max = tycs_ max - (T5/4) and can occur in either M1 or M2 (depending on operating frequency). The
state vector when i, is a maximum is therefore given by,

ALliLs_max) ¢ for fi1s max <0.5T,

fp e X(lits max_model) = € per (10) 521)
B o) =€ OGRS S (1) for fy, g, 20.5T,
and
i =[0 001 0J%(ty, ma) (5-22)

Observation from Fig. 5.6 indicates that the peak parallel inductor current (fL,,) occurs at

liiy max=dycp oT; in M1. The state vector when i;, reaches its maximum, and the magnitude of the

current, are therefore given by,

- Ayt -
x(tin_max)= e 1 iLp_max )xper(to) (5'23)
and

ip,=[0 0 -1 0 0ty mar) (5-24)

5.3. Design Procedure for Electronic Ballasts

Here, the design and realisation of a 4™-order electronic ballast to drive a capacitive-coupled
fluorescent lamp, for battery backup emergency lighting (issues relating to general lamp dimming is
not considered), is considered. Although four resonant elements in the 4"-order resonant electronic
ballast need to be designed, they can be combined into two resonant component ratios, namely C, and

L, for initial design purposes, as discussed in Chapter 3.

Initial specifications, such as the resonant capacitance and inductance ratios, L, and C,, and load
quality factor Q,,,, are selected, and the ratio of the nominal operating frequency to effective resonance
frequency, is chosen to determine the required operating point—the operating frequency is selected to

be above, and in the region of, the resonant frequency, to promote high-efficiency operation.
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The corresponding normalised output voltage as a function of component ratios L,, C,, quality factor

Q,p1 and normalised frequency w, /o, , is:

Minv
22 & NYGQu
] o) L
¢ NiC Gy, QpC,
opl S opl opl
%4 \/Z 3>\, :+—2>\, ,/LC[Qop,+ L L J N—+Qo,,n/LC
(5-25)
and
2
1 C, 1 C, C,
1+2—+L—+ 1+2—+2~ -4
w n n n n n
A\ =—2= (5-26)
@, 2C,
L

Note: X, is the ratio of the effective resonant frequency and series tank component resonant frequency.

The series load quality factor Q,, and switching to resonant frequency ratio, can be selected to adjust
the attainable output voltage at the desired operating point, and the required transformer turns ratio.
Further, it will be shown that the desired load quality factor and resonant frequency uniquely determine
the values of resonant components. The transformer secondary to primary tumn ratio, N is determined
from,

N=V1mp [VDC *Mjpy (5-27)

Based on the terminology developed in Chapter 3, the effective load quality factor of the circuit is
given by:

Q= Qupi /N (5-28)
and the characteristic input impedance of the overall resonant circuit, Z, , is:

Z, = Rigmp /QN? (5-29)
The value of series resonant inductance L, and series resonant capacitance C, follow,

Li=Z,/0,=Z,[2%, (5-30)

and

2 L +C 1+L +C Y -4LC
C:___:Lsxr_Ls x1+" ’l+ (+n n) n™~n

5-31
22 7} 2C, 31
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Thereafter, the parallel resonant inductance and parallel resonant capacitance are,

C,=CxC,
(5-32)
L,=Lj/L,

The peak electrical stresses on the components can be assessed by substituting the component values
from (5-30) through to (5-32), into (5-18), (5-20), (5-21) and (5-23). As discussed in Chapter 3, the
input-output characteristic is very sensitive to the choice of C, and L,. This implies that the resonant

component electrical stresses should also be a function of these two factors.

Current stress on the series inductor L, and switching devices can be reduced by increasing the value of
L, or decreasing the value of parallel inductor L,; thereby, increasing the L, ratio. In a similar manner,
a decrease in C, can decrease the voltage stress imposed on C,. Here, it is proposed that the two ratios
are varied until the level of component stresses, calculated from cyclic analysis, are deemed
satisfactory. Moreover, to promote high-efficiency operation, it is important to minimise the
circulating energy by designing the load quality factor of the resonant circuit to be within the range of

4 to 6 at full load [E13].

As previously discussed, any candidate electronic ballast must provide sufficient voltage to promote
ignition, and a current limiting capability thereafter. Before the lamp is ignited, it can be assumed that
the resistance presented to the output of the ballast, is infinite i.e. the output stage is essentially an
open-circuit. Consequently, the resonant inverter behaves as a tank circuit with a high effective load
quality factor to facilitate ionization of the gas within the tube. Of note, is that the minimum capacitive
discharge voltage decreases with increasing frequency, when the capacitive coupling reactance
becomes small. Once gaseous breakdown has occurred, the resistance decreases as the lamp conducts

current and the lamp represents a pure resistance at high frequencies.

From the experimentally measured lamp characteristics of Fig. 5.3(b), the RMS value of the voltage
across, and current through, the lamp at full power (8W), in steady state, are v.,., (RMS) = 65V and
iLamp (RMS) = 0.136A, respectively. Hence, the resistance of the lamp is #470C2. The lamp is chosen
to operate at a frequency of 2.63MHz for optimal efficiency and reduced EMI. A summary of

specifications for the ballast is given in Table 1.
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Table 5.1 Initial specifications for electronic ballast.

Parameters Values
Input de voltage, vpc(V) 12
Nominal lamp resistance at 8W (Q) 470
Resonant capacitance ratio, C, 0.5
Resonant inductance ratio, L, 0.5
Effective load quality factor, Q, 6
Frequency ratio, \, 1.935
Nominal operating frequency, f, (MHz) 2.63
Ratio of nominal to resonant frequency, f; / f, 1.02

Having chosen values for C,, L, and f}/f,, the numerical values for the four resonant elements can be
determined. The calculated and realised component values, are given in Table 5.2. Although the
effective load quality factor should ideally be within the range of 4 to 6, Q, is selected to be 6 in this
design to facilitate the utilisation of a small transformer tums ratio without compromising the overall
system stability and reliability. Further, the electronic ballast is operated at a constant frequency of
2.65 MHz, and thereby does not have the large circulating energy problem normally associated with
frequency modulation of resonant circuits. A Ni-Mn toroid core is used to construct the 17.6pH
transformer. The toroid core has the advantage of being more compact than ETD core structures and
provide higher magnetic coupling, thus lowering stray leakage flux, and promoting greater efficiency.
The secondary leakage inductance of the transformer is sufficiently small so as to be neglected in the

following analysis. In this case, the equivalent L, incorporating the magnetising inductance L,, of the

transformer, is measured to be 4uH.

Table 5.2 Electronics ballast component values.

Parameters Values
Series resonant inductance, L, (uH) 2.6
Series resonant capacitance, C; (nF) 6
Parallel resonant inductance, L, (1H) 4
Parallel resonant capacitance, C, (uF) 3
Transformer magnetising inductance, L, 17.3
Leakage inductance, L (nH) 0.06

The accuracy of the proposed cyclic-based analysis techniques for predicting the steady-state
behaviour of the 4™-order resonant inverter, is now demonstrated by comparison with results from

SPICE simulations and the prototype experimental converter, over a range of operating conditions.
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By way of example, Fig. 5.7 compares predicted and measured output voltages for the inverter for two
load conditions, whilst Fig. 5.8 shows predicted and measured steady-state electrical stresses on the

resonant components, at 470, It can be seen that an excellent correlation between the cyclic and

experimental results, is evident.
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Figure 5.7 Comparison of maximum output voltage obtained from cyclic averaging, Spice simulations, and
measurements from the experimental ballast, for (a) R, =470Q and (b) R, = 940Q.
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Figure 5.8 Comparison of predictions and measurements (a) voltage stresses and (b) current stresses on resonant

components, with load R;= 9404.

The proposed electronic ballast, see Fig. 5.9(a), is connected to a fluorescent lamp through a small
length of adhesive copper tape connected to both ends of the discharge tube, such that capacitance is
created between the copper tape and the gas, which are separated by the dielectric glass wall—see Fig.
5.9(b) (the manufacturers electrodes are not electrically connected). Although the initial understanding
of how the system work (see Fig. 5.3) provides the platform for converter prototyping, the stray
capacitance of the high frequency transformer is not sufficiently large to achieve the desired voltage
boosting effect. Thereby, additional discrete capacitor is placed on the secondary side of the

transformer in parallel with the fluorescent lamp to obtain the desired converter characteristic.
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Moreover, due to practical issue related to construction of practical high frequency transformer, an
ideal transformer magnetising inductance value cannot be obtained in this case. This can be
compensated by having a discrete parallel resonant inductor, L, on the secondary side of the
transformer, and to allow the primary side leakage inductance to be absorbed into the series inductor
L. The characteristic of the resulting circuit in Fig. 5.9(a) is now equivalence to that of the initial
design shown in Fig. 5.3. Hence, the high-frequency ballast achieves the required voltage for ignition

without an associated auxiliary preheating mechanism.

Upon establishment of ionization, the discharge now lies in the domain of positive dn/dt, and the lamp
current increases until it reaches nominal operating point, where v;,,,, (RMS) = 65V and i, (RMS) =
0.136A. When operated above the effective resonant frequency, the resonant tank behaves like
inductive impedance in series with the fluorescent tube. A further increase of the lamp current would
move the operating point into the region of negative dn./dt, the resonant ballast reacts by forcing the

current back to iy, (RMS) to promote stable operation.

A basic approximation, useful for determining the value of internal capacitance ¢, formed by the

proximity of the copper tape and gas, separated by the fluorescent tube wall, is given in [E14]:

12 €,7d b
Cup =8.85x10 12 Zr7 " wbe” whe (5-33)
i
¢, = dielectricconstant of the fluorescent tube
where d . = internal diameter of fluorescent tiub
£ e = coOpper tap width
t, = fluorescent tube thickness

For the case of the 8W fluorescent lamp, the value for ¢, is approximately 60pF, and the effective

resistance, R; across the output of the electronic ballast is given by,

2
2 2
R = +R,_“ =203k (Q) (5-34)
i [27mctap J lamp

Subsequently, the required ignition voltage for the capacitively-coupled ballast is,
Viamp (TS) =iy, (rms) x R, = 273 V) (5-39)

For completeness, the measured output voltage for R, = 2.03kQ, is compared with cyclic analysis

predictions in Fig. 5.10(a). Once again, the predictions are in good agreement with experimental
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results. The discrepancy between the results is attributed to effect of non-linearities that exists within

the high-frequency transformer.
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Figure 5.9 Capacitive coupled fluorescent ballast: (a) Circuit schematics and (b) Prototype lamp ballast.
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Figure 5.10 Comparison of predictions and measurements: (a) Output voltage (rms), (b) voltage stresses and (c)

current stresses on resonant components, with R;=2.03k.
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Finally, Figs. 5.10(b) and (c) demonstrate the accuracy of predicting resonant components stresses,
which are at a maximum prior to lamp ignition. It can be seen that the cyclic modelling technique
provides a useful tool for estimating stresses, and, characteristically, tends to produce conservative
estimates, particularly around the resonant frequency where the designer has to accommodate the
greatest margin of safety. It is notable that the power switches employed in the ballast are IRZ34N,
driven by square-wave signal from the high frequency IR2110 gate driver. There is no preheating prior
to discharge, therefore incurring no input power losses for heating up the electrodes. The ignition
frequency is fixed to the switching frequency, for steady-state operation, in order to maintain constant

frequency during commutation from one mode to the other.

5.4. Summary

State-variable dynamic descriptions of a resonant power inverter, used as a fluorescent lamp
ballast, have been presented. The model is subsequently used to obtain a steady-state cyclic
description of the circuit, and the derivation of analytical formulae to calculate the electrical stresses on
the resonant tank components, is given. The accuracy of the proposed techniques has been
demonstrated by comparisons with both Spice simulations, and from measurements from an
experimental 8W, capacitive-coupled, fluorescent lamp, with good agreement being shown. It is
notable that, whilst the state-variable dynamic model requires a commensurate computational overhead

to that of Spice simulations, the presented cyclic analysis method is typically 10*x faster.

Finally, a structured design procedure, is presented, based on a user defined ratio of operating
frequency to nominal switching frequency, and a desired Q factor, to realise an inverter for lamp
ballast applications, although, notably, the method is ultimately applicable to other fields such as
induction heating and plasma generation systems. This inverter is powered from a low DC voltage
source at a switching frequency corresponding to the highest boost capability. Thus, the size of the

transformer in the ballast circuit is greatly reduced.

In addition, circuit parameters are designed so that ZVS of the power devices is preserved, to promote
high efficiency operation. Although during high frequency operation the circuit incurred losses
attributed to the non-ideally designed discrete energy storage components, overall, system efficiency of

around 80% was achieved during nominal operation.



Case study: LCLC Converters for Capacitively-Coupled Electronic Lamp Ballasts 109

References

[E1]

[E2]

(E3]

(E4]

[ES]

(E6]

(E7]

[E8]

[E9]

[E10]

[E11]

[E12]

D. O. Wharmby, “Electrodeless lamps for lighting: a review”, IEE Proceedings-A, 140, pp.
465-473, 1993,

L. P. Bakker, G. M. W. Kroesen and F. J. D. Hoog, “ RF Discharge Impedance
Measurement using a New method to Determine the Stray Impedances”, IEEE Trans. on
Plasma Science, 27, pp. 384-395, 1999.

M. K. Kazimierczuk and W. Szaraniec, “Electronics Ballast for Fluorescent Lamps”, JEEE
Trans. on Power Electronics, 8, pp. 384-395, 1993.

C. Chang, J. Chang and G. W. Bruning, “Analysis of the Self-Oscillating Series Resonant
Inverters for Electronics Ballasts”, JEEE Trans. on Power Electronics, 14, pp. 533-540,
1999.

S. Y. R Hui, L. M. Lee, H. Chung and Y. K. Ho, “An Electronics ballast with Wide
Dimming High PF, and Low EMI”, IEEE Trans. on Power Electronics, 16, pp. 465-471,
2001.

M. C. Cosby and R. M. Nelms, “A Resonant Inverter for Electronics Ballast Applications”,
IEEE Trans. on Industrial Electronics, 41, pp. 418-425, 1994.

C. S. Moo, W. M. Chen, and H. K. Hsieh, “Electronic Ballast with Piezoelectric
Transformer for Cold Cathode Fluorescent Lamps”, [EE Proc. Electric Power
Applications, 150, pp. 278-282, 2003.

L. R. Nerone, “A Mathematical Model of the Class D Converter for Compact Fluorescent
Ballast”, IEEE Trans. on Power Electronics, 10, pp. 708-715, 1995.

S. Yaakov, M. Shvartsas and J. Lester, “A Behavioural SPICE Compatible Model of an
Electrodeless Fluorescent Lamp”, in 17" Annual IEEE Applied Power Electronics
Conference Proc., 2002, pp. 948-954.

J. Alonso, C. Blanco, E. Lopez, A. J. Calleja, and M. Rico, “Analysis, Design, and
Optimization of the LCC Resonant Inverter as a High-Intensity Discharge lamp Ballast”,
IEEE Trans. on Power Electronics, 13, pp. 573-585, 1998.

T. Wu, T. Yu and M. Chiang, “Single-Stage Electronic Ballast with Dimming Feature and
unity Power Factor”, IEEE Trans. on Power Electronics, 13, pp. 586-596, 1998.

Y. Ang, D. A. Stone, C. M. Bingham and M. P. Foster, “Analysis & Design of High-
Frequency LCLC Resonant Converters for Electrode-Less Fluorescent Lamp Ballasts”, in
2" IEE International Conference on Power Electronics, Machines and Drives, Edinburgh,

2004, pp. 137-142.



Chapter 5 110

[E13] J. A. Donahue and M. M. Jovanovic, “The LCC inverter as a cold cathode fluorescent
lamp driver”, in 9" Annual IEEE Applied Power Electronics Conference Proc., 1994, pp.
427-433.

[E14] J. L. Duarte, J. Wijntjens and J. Rozenboom, “Getting more from fluorescent lamps
through resonant converters”, in Industrial Electronics, Control, Instrumentation, and

Automation Conference Proc., 1992, pp. 560-563.



CHAPTER 6

Design Orientated Analysis of 4"-Order Voltage-

Output Resonant Converters

Here, properties of the voltage-output 4”™-order LCLC resonant converter, are investigated.
Harmonics of the switching frequency are neglected, and the resonant tank waveforms are assumed to
be purely sinusoid, thereby allowing an ‘Extended Fundamental Mode Analysis’ to be derived for the
resonant tank, rectifier and output filter of the converter, whose discontinuous conduction mode
operation can then be analysed using linear ac techniques. A key result of the proposed approach is
that, the output voltage under discontinuous conduction mode operation, is readily obtained. The
influence of resonant tank component losses and rectifier diode non-idealities, on the output voltage, is

also assessed.
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Figure 6.1 4"-order voltage-output LCLC converters (excluding reactive components parasitic).

The exclusion of the output filter inductor, Ly, as shown in Fig. 6.1, significantly complicates the
steady-state behavioural analysis of the series-parallel voltage-output resonant converter, since there

are periods of discontinuous conduction of the bridge rectifier due to limiting of dv/dt at the rectifier

input, which then dynamically decouples the output filter/load from the resonant tank circuitry.

Although simplified equivalent circuits have been previously proposed for the analysis of resonant
converters based on FMA [F1-F3], in which an equivalent resistor models the combined rectifier,

output filter and load network, these have only addressed parallel LC and series-paralle] LCC and
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LCLC-type converters with an inductive output filter. Alternative analysis techniques, presented in
(F4, F5], based on a state-space approach, have also allowed steady-state solutions to be obtained,
specifically for the LCC, and LCLC resonant converter variants. However, whilst providing improved
prediction accuracy compared to FMA, ultimately, the computation time is compromised due to the

increased complexity.

To date, the most accurate methodologies for the rapid analysis of resonant converters have been based
on variants of Rectifier-Compensated FMA (RCFMA) [F6, F7, F8, F9], in which, in addition to the
use of an ‘equivalent resistor’ to model the effects of the rectifier and output filter (as in classical
FMA), other components, specifically an additional equivalent capacitor, are also included to improve

modelling accuracy.

Although RCFMA allows the underlying attributes of FMA to be applied to the more complex voltage-
output converter, whilst still allowing rapid analysis by virtue of employing the fundamental mode
principle, structured design procedures, based on the resulting analysis techniques, have yet to be

reported.

This chapter, therefore, extends the FMA principle to accommodate the non-linear interaction that
occurs between the parallel resonant capacitor and the bridge rectifier of the LCLC voltage-output
resonant converter, and results in a relatively straightforward analytical solution for steady-state
analysis. In addition, knowledge of the effects of various parameters on the steady-state characteristics
of the converter allows four design synthesis procedures, to be derived, based on the resulting

analytical solutions.

6.1. Operation and Steady State Behaviour

In [F2], the voltage and current characteristics of the rectifier in a resonant converter are
modelled by an ‘equivalent’ resistor. However, the non-linear voltage clamping action of the parallel
capacitor/bridge rectifier, which occurs when higher-order resonant tank circuits are employed, does
not, in general, allow such a simple approximation to be employed if accurate results are required. An
extended equivalent circuit is, therefore, proposed for the LCLC voltage-output converter that
incorporates an additional resistance in series with a capacitor to account for the coupling/decoupling
effect that arises from the rectifier conduction/non-conduction periods. Although this has been
previously reported for LCC converters in [F8, F9), its application to 4"-order resonant converters is

now considered for the first time.
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The non-linear interaction between C, and Cy, means that the voltage presented to the rectifier cannot

be assumed to be a square-wave due to the significant capacitor charging/discharging intervals. By

way of example, typical voltage and current waveforms for a 4™order converter, in the steady state,

are shown in Fig. 6.2.

O0<e<¢, ¢ <6<m

ch(t1 ) :

ch(t) Vg

VCp(tD)

t t T/20re=x

Figure 6.2 Voltage and current waveforms of the voltage-output converter.

At the start of a cycle, at £, the rectifier is non-conducting and no current flows into it. Capacitor C, is,

therefore, charged to Ver = Vou (plus the bridge rectifier voltage drop), at which time rectifier

conduction commences once again. During the charging of C,, v,,,is given by:

h

1 .
Ve (1) =vg, (to ) + ol i, sin(27f t)dt
Pty

Evaluating the integral in (6-1)  with the initial rectifier

voltage, v, (t,) = Ve () = —(VO“, + 2vd,.ode) gives:

Ve, () ==v, + 27;?Cp X (l - cos(27_zfst1))

where v, =V, +2v

out diode *

(6-1)

input

(6-2)
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To determine the boundary that defines the capacitor charging period, it is noted that vep (1) =,

which yields the rectifier non-conduction angle g, :

1 -
t, =——cos 6-3
where
v, f.C
é. =cos"[l——b¢fs ”J
lin

The voltage across the parallel resonant capacitor V¢, can now be expressed as a function of angle 6 ;

v+t (i-cos(8) for 0<6<p,

24,C,
v for 9. <O<rm
- 6-4)
vep(0) = ) (
v — 27;:Cp x(1-cos(d)) for r<O<m+g,
-V for 7+¢,<0<2n

During the interval 0 < 8 < ¢., the resonating inductor current, i, increases, and the rectifier is non-

conducting. This results in a decoupled resonant circuit comprised only of the resonant-tank reactive
components (and power switches). At the end of the charging interval, when the rectifier voltage

attempts to increase beyond v, , conduction of the rectifier resumes and the voltage across the capacitor
is clamped tov,. At @ = 7z, the resonant current reverses, switching off the bridge rectifier and
consequently discharging C, from v, to—v,, and subsequently clamping the rectifier voltage at - v,

atf=r+¢,..2z.

Under steady-state conditions, the average output current, i,,, from the converter, can be determined
by calculating the average current flowing through the bridge rectifier during a complete cycle.

Therefore, since the rectifier current flows to the output filter and load during intervals ¢ <0< 7
andz +¢, <0 < 2x, the output current can be determined from:

L3 2z
s =] [fnsin(0)d0+ -7, sin(6)d6 (6-5)
¢ n+é,
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Substituting (6-3) into (6-5) and evaluating the integral provides the solution for 7,,,, viz.:

; 2(2;1 B Z”bescp)
/4

fou = (1+cos(g, )= (6-6)

Equations (6-3) and (6-6) can be used to derive the bridge rectifier non-conduction angle ¢, as follows:

8 C
¢ =cos|1-——22= P ™J:C, J

e + 47zvb.fscp

o o H4P1,C, ~8m,1,C, J (6-7)

ﬂiour + 47wa:v Cp

=cos”

ﬂiout - 4ﬂvbf;cp
my,, +4nv, f.C »

The output voltage from the converter can be determined by assuming that the output filter capacitance
C, >>C, is sufficiently large to impart negligible output voltage ripple. In this case (full derivation
details in Appendix A):

iinRL

V. X (1 + cos(¢c ))

out = loutRL =

) (6-8)
- 2RL (iin - 47#;‘ vadiode)
71+ 4R, £,C,)

6.1.1. Determining Equivalent Passive Components

Having determined the steady-state voltage and current characteristics of the converter, a
describing function is now derived to model the non-linear interaction between the rectifier/output
filter and parallel capacitor. Via a transformation, the fundamental frequency component of the
voltage across capacitor C, (Figure 6.2) is described by an equivalent resistance and capacitance. This
then facilitates the rapid analysis of the resulting passive circuit. Referring to (6-4), the voltage across
the capacitor can be divided into two intervals during each half-cycle, viz. the period when the

capacitor is being charged, and the period when the voltage clamping action occurs.

Given that the negative half cycle is the mirror image of the positive half cycle, the voltage during the

period when the rectifier is conducting (i.e. the clamping period) is given by Voo clamp -

v, for ¢, <0<rx
Cp _clamp ={ ° (6-9)

-v, for 7#+¢,<0<27x
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From a Fourier series analysis, the fundamental component of Vep _ctump €21 b shown to be:

1|z -jo 2 -6
vCp_cIamp(l) =; ¢I Vy€ d0~”+j'¢vbe dé (6'10)
(4 c

By matching the boundary condition (ve,(4.)=v,) at the end of the interval0 <& < ¢ , v, can be

described in terms of 7,, by rearrangement of (6-3),

W 6-11
= e xeosld) (611

Substituting (6-11) into (6-10) and evaluating the integral yields:
2v, (1 + cos(¢, ) jsin(#.))
Iz (6-12)

i, (1-cos(g, )Xl +e /% )
j2rtfC, ‘

vCp _clamp() =

Using complex notation for the Fourier series expansion of the input current leads to the fundamental

being described by:

i, sin(B)e/°d@ = - ji,, (6-13)

0

il'n(l) =

ENES)

An equivalent resistance, R, ,y,, that models the capacitor voltage clamping effect is, therefore,

given by,

—Jjée
Vep_clamp(l)y _ 1+e J
R (e = x (1-cos(g, ) (6-14)
Cp _clamp iin(l) 272'2f;.Cp ( c

A similar procedure can be used to determine the equivalent passive components that model the
parallel capacitor voltage, during the period when the rectifier is non-conducting, and the input current

discharges/charges C,. The effect of charging C, is described by:

-V + fin (1-cos(8)) for 0<0<4,

VCp_charge = (6-15)

vb_zL(l—cos(H)) for z<O<m+¢,
s¥p
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. 10 S0
Exploiting symmetry and the trigonometric relationship—cos(0)=(‘ te % , a Fourier series

expansion of (6-15) yields the fundamental component,

i

i

2.C,

) xed [
x(l—cos(ﬂ))]e””d()+—l— i (v,,——l‘"—x(l—cos(()))}' a0

1%
Voo ohe =—J{-v, + -
p_chasge(l) . 0( b 7 27#_‘(';:

.0

AT 20 .
SR | SV il | ¥ V)
b
2 mo

= ’Tin : *l",_fg_ 'eAjur _ E _ j;;n _ ]
[/e 3 J 7 j4 —Zﬂzfs(',, x(l cos(¢,)x1 e )

(6-16)
The fundamental of the voltage across C, can, therefore, be described by summing the contributions of
(6-12) and (6-16), which, after simplifying yields:

Vep1) = Vep _charge(l) T Vep _clamp(l)
(6-17)

=—>"_|sin{2g, )- 2¢. + jlcos(24, )- ]
4”zfscpl (26.)- 29, + slcos(2¢,)-1)]
Derivation details of (6-17) are given in the Appendix A, for brevity. An equivalent passive resistance,

R, which models the Real term of Vepq1) is obtained by dividing (6-17) by i, ,, as follows:

Vo) 1 in . .
Zoopn) =~ = ———x —* sin(2¢,)- 24, + j(cos(24, )1
Cp(l) iin(l) i 47[2f_gcp [ ( ¢c) ¢¢' ]( ( ) ) )]
1 sin(29, ) - 29, +(cos(26,)-1) (6-18)
47r2fst ] ¢
R =Re vCP(l) = 1- X j’-m (COS(2¢C)— ]) = (l — COS(2¢C ))
¢ bin(y ) = Jiin arf.c, 4r*f,C,

and an equivalent capacitance C, , can be derived from the Imaginary term in v, ), :

L ] Yoo | _ 26 —sin(24,)
Jj2n,C, iny ) JATS,C,
11
2f,C, 4n’f,C,

x (24, -sin(24,)) (6-19)

21C,

Ce =25 —an(23)
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The resulting equivalent circuit of the voltage-output converter, is shown in Fig. 6.3, with the values

for the equivalent passive components being given by (6-18) and (6-19).

Z}/( 1)

VCp(t)
t >
/;Ill \ |
Cs iin Ls iout
|
| Yoy chargeth A

?’ RL Voul

Figure 6.3 RTFMA Equivalent circuit of LCLC converter.

6.2. Circuit Analysis
The input voltage to the resonant tank that results from switching the half-bridgeV,, is a
square-wave of magnitude v, given by:
vpe for 0<O<nm

Vin = (6-20)
0 forr<O<2x

; 2 Sy ; .
The fundamental of ¥, has an amplitude v,;)=—v,-. An initial estimate of the rectifier non-
n

conduction angle in (6-7) can be established from:

m—4nR; f,.C =
¢, =cos™ ——Lfs 2 |=cos”!| Z R, 1,CiCr
T +4”RLf:vCp T +4”RLfsCan
- 2st0p1Cn
oy | 20500p1LsQoptCoCo | _ Co8 3| e N opl U (6-21)
T+ 2a’s“’oplLsQoplCscn T+ 2w3Q0PlC"

wopl

7 +21,Q,,C,

it COS_l[ﬂ = 2an0plCn ]
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An initial estimate of the equivalent passive components subsequently follows by substituting (6-21)

into (6-18) and (6-19), and the effective ratio of the resonant tank capacitances, C,y » 1s given by:

c o - 9_ _ 27sz B 2nC,
T, C,(24,-sin)24,)) (24, ~sin(24,))

(6-22)

Using the component values derived in (6-18) and (6-19), the capacitive-output LCLC resonant
converter is now reduced to an equivalent 4"-order inverter, for which, using FMA, the effective input

impedance, Z,

in?

of the equivalent circuit is (refer to the Appendix A for complete derivation):

1
+
jo,l  -olL,C,+(jo,C,R, +1)
(jwst - wsszCe“Re)
R

Cop _ _ (6-23)
' Caton [2¢c —sin(2¢, )] * L”(l », ) * C"(2¢c — sin(2¢, )] +l
QoptLn “{ 1-cos(24, ) [ Lo ta 1]]

2¢c - Sin(2¢c ) ,
B 1-cos(2¢.) . 27ra),,2C,, -1
2¢c - Sin(2¢c) / Ln (2¢c - Sin(2¢c ))

thereby allowing the amplitude of the input resonant current, i, , to be determined,

Z,= JosLs +

1-cos(24,) +j( (an”ZC,, _IJ

P ZVDC _ 2VDCQop1Ln 2¢c _Sin(2¢c) Ln 2¢c _Sin(2¢c))
"onfz,] R, , 2w 1 [ o J
co —2F e |1-— |+
non [2¢c—sin(2¢c) 0,2 )" "\ 29, -sin24,)

(6-24)
The output voltage is subsequently obtained by substituting (6-24) into (6-8), giving,
2vDCQopan 1- C05(2¢c ) ] 27[(0"2Cn _
o, (e eos i 0a) A 1.6 sin(24,))

Vo = 2R (1 coo(,) =
T ol Vol il
"\ 2¢, -sin(2¢.)) U w,2) "\ 2. -sin(24,)

) l—cos(2¢c) 1
+1+1[m{h —Ln[?]—lJ}

(6-25)
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Although the above describing functions provide a suitable mechanism for estimating the output
voltage, a primary source of error is related to inaccurate modelling of the rectifier on-state voltage,

Vaiode- Hence, using an iterative procedure, a more accurate estimate of the rectifier non-conduction

angle ¢ can be obtained by substituting (6-25) into (6-7) (together with the diode on-state voltage
drop, v,;... )— and subsequently returning to (6-25) to refine the converter output voltage estimate.

The iterative calculation procedure is shown in Fig. 6.4, for clarity.

Ijubstitute R, £, Cpinto (6.21) to find initial estimate of ¢ ’

: i

Use calculated value of ¢ to determine ff,, (6.24) Return to (6.7) for
+ iteration to find a
more accurate value
Substitute 7, into (6.25) to find the output voltage for ¢

Is the output voltage error within
required tolerance?

Yes

Figure 6.4 Flow-chart describing the iterative calculation procedure.

Figure 6.5 shows the variation of the normalised output-voltage versus normalised switching

frequency, for a range of series quality factors, Q op1 » as predicted from the foregoing equivalent circuit

transformation technique, for specific values of resonant component ratios L, and C,. For a low load
quality factor, it can be seen that the converter behaves in a similar manner to a series resonant
converter, and is suitable for step-down operation, whilst for higher quality factors the voltage-
boosting characteristic of the converter (possible due to the inclusion of capacitor C,) becomes
dominant, thereby facilitating step-up operation. At low output loads, a high-load quality factor also
results in a sharper resonant peak and the effective resonant frequency moving away from the series

resonant frequency, @,,. The operating frequency should, therefore, be increased to maintain
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inductive switching of the power devices when the converter is operated at light load. Moreover, the

higher resonant frequency will result in highér conduction and turn-off losses in the power devices,

whilst the voltage conversion ratio will rise, leading to the converter being operated far away from the

effective resonance in order to maintain a constant output voltage.

25
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—
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Figure 6.5 Variation of voltage gain with normalised frequency.

The main observation from the presented analysis is that the effective resonant frequency f,.s of the

converter is highly dependent on load resistance, by virtue of the dependence on the rectifier

conduction angle g, , see (6-21). The resonant frequency, o o1 » Of the series resonant tank components,

as a function of the effective resonant frequency of the converter, @, , is given by,

(6-26)

2 2
C e C
2 neff 4 neff’ neff 4
I+ —+— [0) I+—+—= || =4 —|o
, = woeﬂ ( L" L" J o~ ( L" L" J { L’l J o
opl —
A 2 Cneﬂ. ) 4 Cneﬂ' 3 8
L" oefff _L a)oeﬁ*
n

In particular, re-arranging (6-26) provides the ratio of the effective resonant frequency of the circuit, to

the series resonant frequency,

>\,2

2
Cog | _ Coer
Ln Ln

(6-27)

= | Loet
@pp1
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The effective load quality factor of the equivalent circuit, Qe » Which is generally higher than the

series load quality factor, Q,,;, is a non-linear function of f; , the rectifier non-conduction angle, ¢,

and the load resistance, R;.

2 d
R Dop = Csmewoeﬁ)\f (6-28)

e

= =CR.w
Qoey Do L S S0 o0 Doy

From Fig. 6.6, it is notable that the effective resonant frequency of the overall circuit moves with

increasing load quality factor. Furthermore, the value of C,ey also varies as a function of load. In
particular, as the series load quality factor, Q,,, decreases, the effective resonant capacitance ratio,

C, . » increases, for constant C, and L, , as shown, from (6-22), in Fig. 6.6.

15— T T T v v T T 09

Voltage ratio
=3
@®

L
o
~

4345 ones souBIDRdR)

. A . . A " A R ™lo6
1 12E1ADR10 N8 2N220m24E28
Normalised frequency, o lo bt

(a)

Voltage ratio
S
P
B84 -oges e2uBIOEdE)

Voltage ratio

i

1 172 14 16 18 2 22 24 26
Normalised frequency, o lo 001

v =05

(b)
Figure 6.6 Normalised output voltage and equivalent resonant capacitance ratio at L,=0.1 and C,=0.5 (a) Q,,i=4
(b) Qopl=8~
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Figure 6.7 Output voltage characteristics for various values of C, (=0.1, 0.2 and 0.5) at (a) Q,,1=4 and (b)
Qopl=8-

Figure 6.7 shows examples of the calculated input-output voltage conversion ratio, V,./vpc as a
function of the normalised switching frequency, @, , for a range of resonant capacitance ratios C,,
from which, it will be seen that for high values of C,, the output voltage about the resonant frequency
increases, facilitating voltage-boost operation. However, for low values of C,, the input-output voltage

characteristic exhibits a smoother frequency response with a reduced resonant peak. The sharper
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resonant peak which results as C, is increased implies that the output voltage regulation when the
converter is subjected to variations in supply. voltage, can be achieved through smaller changes in the
operating frequency, i.e. the effective forward path gain is higher, and, hence, less control action is

required.

The influence of C, on the predicted output voltage of the converter is shown in Fig. 6.8(a). As
expected from the previous discussions, the maximum attainable output voltage increases as C, is
increased, albeit increasing the input current and imparting higher electrical stresses on the resonant

components, for the same output voltage.
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Figure 6.8 Variation of output voltage with parallel resonant capacitor C, (a) frequency sweep and (b) voltage

and current stresses.

042



Chapter 6 125

Figure 6.8(b) shows the predicted time-domain voltage and current waveforms to highlight the fact that
the electrical stresses and the rectifier non-conduction angle, seen by converters with a similar output
voltage, depend on the value of resonant capacitor C,. Specifically, it can be seen that for lower values
of C,, the rectifier non-conduction angle essentially becomes negligible, and the rectifier/output filter is

presented with a square-wave voltage waveform.

The accuracy of the proposed analysis techniques for predicting the steady-state behaviour of the
converter is now demonstrated by comparing predictions with results from SPICE simulations and
from measurements from a prototype converter (see Figure 6.9), with measured component values for
providing 5-12V output voltages, given in Table 6.1. The Half-bridge MOSFETS are IRLZ34N, and
are driven by IR2108 gate drivers.

Table 6.1 Experiment voltage-output LCLC resonant converter specifications.

Parameters Values

DC link input voltage, vpc (V) 30

Series resonant inductance, L, (uH) 12.6
Parallel resonant inductance, L, (4H) 25

Series resonant capacitance, C; (uF) 0.737
Parallel resonant capacitance, C, (1F) 0.141, 0.282, 0.564
Load Resistance, R; (Q0) 5,10

Figure 6.9 Experimental 4™-order capacitive-output resonant converter.

Figure 6.10 compares the predicted variation in output voltage, with switching frequency, using the
proposed analysis procedure, (6-7), (6-21), (6-24), and (6-25), with the measured variation, Fig.
6.10(a), and with the variation predicted from FMA, Fig. 6.10(b), for two different loads.
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Figure 6.10 Predicted output voltage from proposed analysis procedure compared with (a) measurements on

prototype converter (b) results from FMA.

In each case, it can be seen that the proposed analytical model accurately describes the steady-state

operation of the converter. The discrepancy in output voltage predictions using FMA is due to the
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assumption that the equivalent resistance—R, =— R, 1is sufficient to accurately model the

”2
interaction of the rectifier and capacitor output filter networks, which, as has been demonstrated, is not

the case.

From (6-18), (6-21), as the angle g, — 0, the equivalent capacitance due to the rectifier/output filter
coupling effect, also tends to zero, i.e. C, »>0. By way of example, from (6-18), (6-21), and
employing the trigonometric relationship—cos[Z cos"(o9)]= 26° -1, it can be shown that the equivalent

output resistance, R, , is given by:

x (1-cos(2¢,)) = L 1—2[”_4” fXC”RLJ +1

Ro= e 2 ;
4z f.C, 4r°f,C, m+4rx°"f,C,R,

_ 1 327 f,C,R, 6.29)
4r’f,C,\ 7’ +87° f,C R, +167°C,’R,’

C,,—)O, 938—>7r2—.

. , SR
thereby, if C, — 0, then equivalent resistor R, - —% .

T

Consequently, the characteristic of the converter then becomes similar to that of a 3".order CLL series-

loaded resonant converter. For example, Fig. 6.11 shows the calculated input-output voltage

conversion ratio, as a function of the normalised switching frequency, @, , for various values of the

resonant capacitance ratio, C,, and resonant inductance ratio, L,, for a constant value of Q,,;.

It can be seen from Fig. 6.11(a) that for the same value of C,, the output-voltage boosting effect of a
3 order LCC-type resonant converter (L, is assumed to be zero) is more significant than for the LCLC
voltage-output counterpart. In contrast, the maximum voltage conversion ratio at resonance, which is
attainable from the LCLC voltage-output converter, is comparable to that for a CLL converter in which
C, is small enough to be neglected, whilst requiring a smaller range of switching frequency for output

voltage regulation,

Figure 6.11(b) shows that as the value of resonant capacitance ratio C,, for the LCC converter, is

halved, the maximum voltage conversion ratio is similar for all three converters at the effective
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resonant frequency. It will also be seen that LCLC voltage-output converter has a sharper curve

around resonance, which implies a better output voltage control characteristic.
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Figure 6.11 Output voltage characteristic for various values of C, and L, at constant Q,/=1.2.
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6.3. Design Methodologies

The presented analytical equations describing the characteristics of the 4™-order LCLC

converter are now employed as a basis for deriving various design/synthesis procedures, the equivalent

circuit parameters R, and C, being fundamental to the calculation of specific circuit component

values. Four methodologies are presented, viz.:

i) Output voltage constraint method

1) Parallel capacitor constraint method

i) Rectifier non-conduction angle constraint method

iv) Input voltage versus input current phase-angle constraint method

Of the methodologies, the output voltage constraint methodology is likely to be the most useful, by
virtue of requiring a minimal amount of user-supplied information [F11]. The method essentially
comprises a reformulation of the analysis techniques presented in Section 6.2, and allows the response
of a converter to be independently evaluated for given values of the resonant component values, C,, L,,

and Q.

The requirement to constrain the value of parallel capacitance, C,, arises primarily because of the
possibility of exploiting parasitic elements (predominantly the inter-winding capacitance of a
transformer or the rectifier diode junction capacitance) to realise an appropriate value. In addition, it
also permits large values of C, to be chosen to achieve a voltage-boosting effect around the effective
resonant frequency, or, in contrast, small values of C, to be employed in order to reduce electrical

component stresses.

The rectifier non-conduction angle constraint design methodology is essentially a complement to the
parallel capacitor design methodology, in that it relates the influence of the C, charging period to the
attainable DC voltage output. A large rectifier non-conduction angle, @, is essential to provide a
high-voltage conversion ratio, since it allows C, to be charged/discharged for longer periods within
each half-cycle, whilst a small value can be selected to facilitate step-down voltage operation, albeit
compromising the output voltage regulation if the load falls below some design-specific minimum

value.
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As discussed in the previous section, important factors that influence the design of voltage-output
converters, are their operational efficiency and component stresses. Therefore, since reducing the
stress on the switching devices is a key incentive for resonant operation, the input voltage versus
current phase angle constraint methodology, is the most useful approach for realising a power supply
for which low switching stresses are a priority, i.e. exhibits a high power factor, even at high switching

frequencies.

6.3.1. Output Voltage Constraint Method
This method enables converter component values to be chosen to achieve a given voltage

conversion ratio and load quality factor Q,, . The procedure numerically sweeps the normalised

switching frequency, w,=w,/®,, , and equates the normalised output voltage, V,,,/vpc, to the

opl »
required voltage conversion ratio, M,,,. Specifically, after values for the resonant capacitance ratio, C,,

and the series load quality factor, Qopi » have been selected, to obtain a desirable frequency response

for the normalised output voltage, by rearranging (6-25), the normalised output voltage is found by

sweeping the value of the normalised switching frequency, w, = a)/ ,, —an example being shown in

Fig. 6.5, with ¥, /v given by:
onpl n 1- COS(2¢C) 27[0) C
v g X (1 + cos(¢ )) 2¢, —sin(2¢,) +tJ ( (26, - sm(2¢ )) ]l (6:30)

Voc 27 1 2
~Cnn (2¢ “sin24, )J“LL"[I_Q,_"ZJ’LC"(M “sin(24,)
[ 1-cos(2¢) [, (.1 |_
ool oo

The numerical sweep procedure enables the operating frequency of the converter or the required

switching frequency to resonant frequency ratio, to be found, by equating the resulting magnitude of

the equivalent circuit transfer function (6-30) to the voltage conversion ratio specification, M,

Having established suitable values for C,, Q,, andw,, the effective characteristic impedance,

Z oeff of the 4™-order resonant circuit, which is also influenced by the rectifier action, is obtained from:

Zoeﬂ' oeﬁ" ( oo ] oplL )\r ]/ )\rZopl (6'3 1)
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where the characteristic impedance of the series resonant tank is:

Z, = (6-32)

Since the ratio\, =@, /@,, 21, thenZ,,, >Z,, , implying that the characteristic impedance

opl opl »

oeff
is increased. Using (6-31) and (6-32), the required value of series inductor is determined from
the desired nominal switching frequency:

Z"eff _ ZUI”)\r - RL >\r _ RL _ RLa)n

L= - = - (6-33)
27?’7”02'[7‘ 27#04]' Zdoeﬂ'Qopl wopIQapl 279(:5Q0p1

Finally, the required series resonant capacitance is found from the required resonant frequency and
@, , as follows:

A2 o’
C=—ct5—="7"%5 (6-34)
An’foy Ly 4m I L,

whilst parallel resonant capacitance C, follows, by definition, from C,, =C;xC, andL, =L, /L, .

6.3.2. Parallel Capacitor Constraint Method

To calculate values for the resonant components, this method requires that c,, Vous Voo, the
output power rating p,,,, the rectifier diode voltage drop, the effective resonant frequency, f,,; . the

switching frequency, f;, and both C, and L,, are specified. From the specification, the nominal output
load resistance is:
2
R, = Yo (6-35)
pout

The rectifier non-conduction angle @, is determined by substituting given values of f; and C, into (6-7),

and rearranging, to give:

8nv,, C
, m—4mR, f,C, - -—ﬁ"‘?“ef’ P
—1| Pow — 4ﬂvbfvcp -1 Lour
¢. =cos”'| —— L |=cos 3 C (6-36)
Mou + 47, f,Cp 7 +4nR, f,C 4 3Maiode) Cp
sp .

out
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wherei,, = Pou i the output current and v, =V, +2v is the peak voltage across the rectifier.

out diode
out

Since the equivalent passive components, R, and C, are dependant on the design

parameters,C,, R, , f, and, @, (6-36) is substituted into (6-18) and (6-19) to find their ‘equivalent’

values. The required value of series capacitance C, needed to provide the desired C, and ¢, is then
found from (6-37),

¢ - CC, (24, —sin(24,)) (6-37)
2T

From (6-22), (6,27) and (6.34), the series inductance is given by:

)\rz
Srrea .
oeff “'s

and L,=L /L, andC, = C,C,.

6.3.3. Rectifier Non-Conduction Angle Constraint Method

Here, the resonant component values are determined for a specified rectifier non-conduction

angle g, , values for V,,.,, Voc, Pous Viiodes Joep s S5 » Cu and L, also being specified. From (6-11), the

value of parallel resonant capacitor could be calculated from knowledge of the peak input current f,,, :

C,= #v;x (1-cos(#.)) (6-39)

However, since zm is rarely known a-priori, at the design synthesis stage, it is generally more
appropriate to determine C, from output quantities. Thus, substituting (6-6) into (6-39) and
rearranging gives:

_ﬂ_xk&(@) !
P 4f, 1+co§(¢c) (6-40)

where i, = Lot apg v, =V, +2v,,, is the peak voltage across the bridge rectifier.

out
out

The value of the series resonant capacitance follows fromC, =C, / C, , and the series and parallel

2
inductances are determined, respectively, from L, = 2—)\'2—— and L, =L /L, .
oeff ~s
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6.3.4. Input Voltage Versus Current Phase Angle Constraint Method

Here, resonant components are chosen based on the requirement for achieving a given phase-
angle, §, ., between the input voltage and input current. The procedure is driven by a compromise
between ensuring zero-voltage switching (ZVS) of the power devices to facilitate high efficiency
operation (i.e. the circuit appears to be inductive from the perspective of the power switches), whilst

also maximising the voltage conversion ratio and power factor (which are ultimately a maximum at

resonance),

The phase difference between the fundamental frequency components of the input voltage and the

input current is, from (6-23):

B,
1-cos(24,) N L 27 C,0,’ »
q 26, -sin(26) " o, | 26, =sinCg) L,
= tan —tan
27 (C 2) L1 I 2r (C) 1 I—COS(2_¢C)
“2¢, —sin(28,) " T T o7 | g —sin(2g) T 24, -sin(24,)

(6-41)
The normalised frequency v, = @, /®,,, is swept numerically to determine the required value for 3,

to equal the specified value 8, , for given values of Q,,, C, andL,. By way of example, Fig. 6.12

cr Y

enables the required switching frequency to resonant frequency ratio, w, , to obtain a specified value
of B,,. Whilst soft-switching of the resonant converter power switches serves to enhance efficiency
compared to equivalent hard-switched converters, the electrical stresses to which the tank components
are exposed can be much higher by virtue of the currents, which are imposed on them, being

essentially sinusoidal at high Q.

Figure 6.13 shows the normalised input current obtained from the simplified equivalent circuit of Fig.

6.14, for various values of load quality factor, viz. Qop1 =2,4,8. An advantage of the LCLC converter

topology is that the input current decreases as the load quality factor decreases, which reduces the
losses in the switching devices, thereby enabling a high efficiency to be achieved even for low loads.

Substituting the required design parametersg., V,,, into (6-24) and solving for the peak series

resonant current, 7, , leads to the required value of capacitance C,;:

Y *in o

iin - -
CP ) 47#; (Vaut + 2vdiode) g (1 COS(¢C )) (6 42)
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Resonant components C; and L, are subsequently found, respectively, from (6-37) and (6-38). Finally,

the required input voltage rating is given by,

Vpe = in“in (6-43)

It should be noted that this methodology is also useful for producing numerical sweeps of the peak

resonant current versus the normalised frequency, w, = o, / ,

,p1 for specified values of v, andV,

out *
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=
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40
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Figure 6.12 Input phase angle of the resonant circuit versus normalised switching frequency, for (a) specified

resonant component ratios C,=0.5 (b) a specified load quality factor Q,,,=8.
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Figure 6.13 Variation of normalised input current (C, = 0.5, L,= 0.1).

6.4. Summary

A method based on the derivation of a describing function to model the complex interaction
between the parallel capacitor and rectifier/output-filter, has been developed, to facilitate rapid steady-
state analysis of a capacitor-loaded 4"-order resonant power convcrterl. Predictions of the output
voltage, as a function of load resistance, and the regulation of output voltage as a function of switching
frequency, have been compared with measurements on a prototype LCLC voltage-output converter,
and with results from SPICE simulations. They confirm that excellent accuracy is afforded by the
proposed analysis methods, which, due to their very low computational overhead, are eminently

suitable for routine use during the design of high-order LCLC converters.

From the presented results, the advantages of the LCLC voltage-output converter, for operation above
resonance, have been shown to be i) the peak input resonant current decreases with load current,
thereby maintaining efficiency from full load to light load ii) a good compromise is achievable
between the control characteristics, component values, efficiency and electrical stresses iii) a decrease
in losses compared to those of the LCLC current-output converter due to the elimination of the output
smoothing inductor. Finally, the presented describing functions have been employed to facilitate the
derivation of 4-design synthesis methodologies, each satisfying different user-defined constraints to aid
in the design of LCLC converters. Conditions under which each methodology might be employed, and

the qualities they subsequently impart to a converter design, have also been discussed.
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Cyclic Averaging Analysis of Voltage-Output

Converters

137

As in the case of the current-output converter, here, the large-signal state-variable model,

developed in Chapter 2, is now transformed into a cyclic model description, by decomposing it into

several piecewise linear (PWL) equations, based on the state of resonant tank current and voltage, and

rectifier current.

Whilst the duty-times required for cyclic analysis of the 4™-order current-output resonant converter,

have been derived through the use of a FMA equivalent circuit, this technique often proves inaccurate,

and renders undesirable cyclic mode results. Thus, the enhanced describing function concept from

Chapter 6 will be adopted to determine the required duties for cyclic averaging. The parallel resonant

capacitor voltage v, of the converter, Fig. 7.1, is saturated at the modulus of the output voltage plus

the rectifier on-state voltage drop, Vs, during the clamping period, thereby incurring six operating

modes during each switching cycle, as shown in the example waveforms of Fig. 7.2.

iRl

. AD1 4p3 A
1 Vicf | Tef
A

| C
ver| !

D4 AD2 !

Figure 7.1 Simplified circuit of 4™-order voltage-output resonant converter.
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7.1. Cyclic Mode Analysis of Voltage-Output Resonant Converters

Analysis of the behaviour of the voltage-output 4"-order resonant converter (Fig. 7.1)
(operated above resonance) for switching frequencies above, and in the region of, the resonant
frequency, shows that there are six dominant modes of operation in each switching cycle, defined with
respect to the polarity of the input excitation voltage and state of the rectifier bridge current [G1], as

shown in Fig,. 7.2,

Figure 7.2 Voltage and current waveforms of a voltage output LCLC resonant converter.

Two of the modes are defined with respect to the polarity of MOSFET half-bridge input voltage. The
remaining modes are determined by the conduction state of the rectifier input current, iz, i.e. when
ve,>0 and the rectifier is conducting positive current, or v,<0 and the rectifier conducts negative
current, or otherwise, the rectifier is not conducting and the resonant circuit is essentially decoupled

from the rectifier. The modes are summarised below:

| Model(MD) | V>0 [ i2<0
| Mode 2 (M2) | V>0 [ ir=0
| Mode 3 (M3) [ Vin>0 [ ir>0
; Mode 4 (M4) [ V=0 [ ir>0
| Mode 5 (M5) ] V=0 { ir=0
! Mode 6 (M6) | Via=0 | iz<0
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For reasons highlighted previously, modelling of the cyclic mode for this converter is complicated by
the rectifier current being a highly non-linear function of the resonant current and filter capacitor
voltage. The state-variable model of the converter is derived by partitioning the converter dynamics

into ‘fast’ and ‘slow’ sub-systems that are coupled by the rectifier current.

The combined state-variable models, and coupling equation, are ultimately given by (7-1) (full

derivation details have been previously given in Chapter 2).

i 1 1 1 s
0 0o -— — 0 C
C, C, - r
ol |0 o o Cl 0 Vep 0
Ves 1 § Ves
i, |= - 0 0 0 0 i, |+ 0 (7-1a)
: P .
s 1 1 rcp Vis +7 op + Ve + Vs s V, 7 rpiR
v e E— 0 v —in T
Cf- LS L.\' LS L.\' = Cf"’ LS L:
o 0 0 0 — lizlRs
i Cr(R+14) | C/ (R, +1,)
C C Y
iR=———_——f——iL+sgn(iL)—_—L—£ (7-1b)
sgn(zL)Cp+Cf sgn(tL)Cp+Cf R,
and the output voltage of the converter is given by,
RLr |lR| RLVC
A AL B (7-2)

RL +rcf RL +rcf

However, by assuming the output filter capacitance C; is sufficiently larger than C,, for preserving low

ripple level on the output voltage, (7-1b) reduces to,

C
C fC iL for |VCpI = Vout + zvdiode
+
ip=q P (7-3)
0 for  [vep| < Vour +2Vutde

In a similar manner to that used for analysing the current-output variant (see Chapter 4), the dynamic
matrices, A; and the input excitation matrices, B; are found by substituting the coupling equation (7-3)
into (7-1a) and considering the polarity of the input voltage and direction of the rectifier current.
During M1, V,, is positive and i is negative whilst parallel resonant capacitor voltage, vc,, is clamped

to ¥, (plus the on-state rectifier voltage drop).
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The resulting piecewise linear dynamic matrix equation is, therefore, given by,

1 Cf 1 ¢
0 ——— —_— 0
C, C,(C,+C,) C, C,(C,+C,)
0 0 0 L 0
¢
1
= — 0 0 0 0
A=l
1 1 rcp rcpCf s + rcp + s + Ts rcpcf 0
L, L L L(C,+C,) L, L(C,+C,)
0 0 RLC/ _ RLCf _ 1
I C (R, +1,)C;+C,) C, (R, +1,XC, +C,) C (R, +rcf)J
(7-4)
v, | c
The excitation matrix, B;={0 0 0 —2 0| and the coupling equation is|iR|=——fiL.
L, C,+C,

During M2 (¥,,> 0, iz = 0), the output rectifier is decoupled from the resonant tank, giving the dynamic

and excitation matrices, respectively, as A; and By:
r

o o --L 1

c, c,

0 0 0 1

Cs
1

A2= L_ 0 0 0
P

1L ny Tt

Ls Ls Ls Ls

0 0 0 0

0 ( 0
0 0
0 ,and B, =| 0 (7-5)
Tes +Tjg Vin
0 L
N S 0
Cr(R +1y) | L]

and similarly, during the time when ¥;,>0 and iz>0 (M3), the system is described by:

[ C 7
0 __l_+___c'_f___ _]_'____._f__ 0
C, Cp(Cf+Cp) C, C,(C,+C))
1
0 0 — 0
0 C.
! 0 0 0 0
A= Z
1 1 T r,Cr Fis +Top T + 1 r,Cr 0
L, L, Ly L(C,+C)) L, LS(Cf +C,)
0 _ R.C, R.C, 1
I Cr(R +1,)Cp +C) C (R, +1,)C, +C)) Cf(RL+rcf)_J
B; =B,

(7-6)
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Exploiting symmetry between half switching cycles, the modal matrices for converter operating in M4
(Via=0, ig>0), M5 (V,,=0, iz=0) and M6 (¥;,=0, iz<0) are equivalent to those in M3, M2, and M1,

respectively, viz.:

As=A,
(7-7)

B,=Bs=Bs=[0 0 0 0 o]

7.1.1. Determining the Duty of Each Mode

As before, the cyclic-mode initial condition x,,(#), for voltage-output converter, can be
obtained by substituting the piecewise linear equations for different modes in (7-4), (7-5), (7-6) and (7-
7) into the augmented cyclic mode equations in Chapter 4 viz. (4-6), (4-7) and (4-12), along with the
mode transition times associated with each. Investigations have previously shown that the time-
periods associated with each mode, required to predict the cyclic-mode initial conditions, can be

successfully predicted using the Rectifier Transformed FMA equivalent circuits, derived in Chapter 6.

Moreover, the procedures presented are subjected to iteration to permit the effects of rectifier on-state
voltage drop to be incorporated. Derivation details for obtaining the equivalent model can be found in

the previous chapter. Here, just the results are employed.

The rectifier and capacitive output filter can be approximated by a combination of equivalent

resistance and capacitance, as illustrated, for clarity, in Fig. 7.3.

”/(”
‘ VCp(t)‘
il ERISE R ,‘.‘,, -
ﬂm - ot b
| .
cs Iin(t) VLS ” AT L PR T o ) Whorsalieg ST ST 4 LS
—A—— 00 "'T" ey l TR A S|
gt
Z ' Cs @ Yep_chamgett) |

”/(1)@ — = (E:in : A By i %RL
{ 9{‘. @ Vl‘r clampl} 1 '

i S

Figure 7.3 Equivalent circuit of voltage-output LCLC resonant converter.
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In this case, the rectifier non-conduction angle is given, approximately, by,

n—47zRLfSC,,J

(7-8)
T+ 47zRLfSC,,

¢, = cos‘l[

The output filter and rectifier, when decoupled from the resonant tank circuit, are modelled by an

equivalent resistance and an equivalent capacitance, whose values are given by [G2]:
_1- cos(2¢.)
° 4r’fcC,
C - 27C,
© 24, -sin(2,)

(7-9)

Throughout the analysis, the resonant tank input currenti, (¢) , which flows from the network of series
resonant components, into the rectifier bridge circuit, is assumed to be predominantly sinusoidal, i.e.:

i, (¢) =1, sin(27f,t) (7-10)

Now, as before, 8, is the phase angle between the input voltage and the fundamental harmonic
component of the series inductor current. The duty d, associated with M1 is obtained by assuming that
the output voltage is ripple-free, and the current through the rectifier follows that of i,(f). d, is
therefore defined as the time when series resonant inductor current i,= 0, and is obtained from

knowledge of the overall impedance, Z,,, of the equivalent circuit of Fig. 7.3, viz.:

|Zin
22C,m,° 1 22C, { 1-cos(24,) ] Ly
- 24, —sin(24, ) +Ly (1 W’ )+ 2¢, - sin(2¢,) th+ j[ 24, -sin(2¢,) | "

n

1-cos(24,) b 210,’C, 1
26, -sin(2¢,) "\ 1,24, —sin(24,))

(7-11)
Taking the phase angle of (7-11), and subsequently normalising by dividing by 2, yields the duty for

M1, as follows:

2
1-cos(24,) __2__”6‘_7@'___+Ln[1__1_2]+_2”_c'_n_+1
d = L x tan-] 2¢t‘ - Sin(2¢c) _ _1_ x 2¢c - Sln(2¢c) @, 2¢c - SIn(2¢t)
'or 210,’C, . 27 1- 00§(2¢C) oL Lo
L,(24, -sin(24,)) 2. -sin2¢.) " o’

(7-12)
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The fact that g, is positive implies that the first harmonic of the inductor current lags the input voltage
when operating above the resonant frequency. During the rectifier non-conducting interval, the
inductor current flows into C,, charging it to ve, = V.., (plus the bridge rectifier voltage drop vi.q), at

which time rectifier conduction resumes once again.

It is noted that T, is the period for one switching cycle, and v, during charging of C, is given by:
{dy+d))T,
Vep = Vop (les )+C_ X I i, sin(@,t)dt

p le.r
(7-13)
Vep (les) =V, = _Voul - 2vdiode
The duty d, for M2 is, therefore, found by evaluating the integral in (7-13) to give:
-~ 1= T,
Vep ==V + i X 1-cos(@,d,T,) (7-14)

24.C,

To determine the boundary time that defines the entire capacitor-charging period, it is noted that v¢, =

vratt = d,T,. From (7-14), solving for duty 4, yields:

4 C
d, =—1-xcos"(l——zv—l’¢j:—”) (7-15)
2z i

in

where the amplitude of the resonant tank input current, i,, , can be determined from,

~ _2vpc
=R (7-16
l"l ﬂlZ )

ol

The switching transition times for the remaining operating modes are found, by symmetry, to be:

dy,=0.5-d, -d,
=d

dy=d, (7-17)

ds =d,

7.2. Component Electrical Stresses

Here, the techniques presented in the previous sections are now extended to include an

analysis of component stresses. During the design stage, consideration of electrical stresses imposed
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on the tank components are of utmost important to the designer. It will be shown that cyclic-averaging

provides a convenient and accurate means for addressing this issue.

Figure 7.4 Sketched current and voltage waveforms.

With reference to Fig. 7.4, it can be seen that the series inductor current, iz, which coincides with the
power switch input current, and the series capacitor voltage v, are phase-displaced by /2 rad, and the
maximum voltage across C, occurs when i, (t) —> 0, when operating in M4 and occurs at time £,¢;_max
=d,T,= d\T,. From (7-12) v, is given by substituting f,¢; masinto (4-6):

Ty A (T,

b=[0 1 0 0 0 ofrtammehidiphdiTAdlz (1) (718

Similarly, noting that the maximum series resonant inductor current iz, occurs at time f;z; mae = di T, +
(T/4), in M2 or M3 (depending on the operating frequency), the state transition matrix of the converter

is,

Az(lu_._nm-le,)eAndJ..‘x‘p” (’o) for tlL:_muS (dl + d2 )T’
A d\+dy)T,) A A = 1t
As(lis_max—(d1+d2) ’)eA’dzT'eA'd'T‘xW(fo) for ttL:_mu < %

(7-19)

= x(t, =e
x(tu.‘_m)z tL:_mAx_modeZ)

E(til.:_mu_model) =

and, thereafter, the peak value of resonant inductor current 17,_3 is given by,

=0 0010 0l ) (7-20)
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When the converter is operated further away from the effective resonant frequency, the assumption
previously made that the current through series resonant inductor L, is sinusoidal, does not hold, as the
waveform becomes increasingly triangular at higher frequencies. In this case, the time required for the
current to reach its maximum value ultimately increases to #;; .= 0.5T,. It is therefore necessary to

modify (7-19) to account for this, in the following way,

x(tlLS lmx) eAJO'STjeA 4T A dT (to) fOl' tth _max ZT% (7-21)

When the rectifier/filter sub-system is diode-coupled to the parallel resonant tank, |vey | is clamped to

the modulus of V,,, + 2v40.. The peak positive voltage occurs when the bridge rectifier begins to

conduct forward current (i > 0), as operation enters M3, at Ly man=dsT,. From (7-14), \7(/) is then
given by,

Ve, =l 0 0 00 ) e AT g (1)) (1-22)

With increasing excitation frequency, the period during which the parallel capacitor voltage is clamped
becomes shorter, and gradually migrates toward the beginning of the negative half cycle of the input

voltage, V,,. The time at which V¢, occurs, is, therefore, in M4, and £, max = dsT..

Sp=[l 0 0 0 0 oftrm T Al hdTy () (7-23)

Again, with reference to Fig. 7.4, the maximum current flows through the parallel resonant inductor
(fLP) when the voltage across the parallel capacitor, v¢,, reduces to zero. The time at which v¢, =0,

litp_mar, €an be found by solving (7-13) to give:

~ l-coso\t;, mx
O=—VR+i,-”X s(le_ )
27,C,

(7-24)

tin

2w, f,C, ]

The maximum inductor current iy, occurs in MS and the peak value of the parallel resonant inductor

current, 7, is then given by:

le=[0 010 0 Okfist”ﬁi,ﬂ,e;\‘d4ﬂe;\ 13T, AdT AdT ,m(’o) (7-25)
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The steady-state stresses imposed on the resonant tank components are thus analyzed by considering
(7-18) through to (7-25). Since the cyclic model can now be used, together with mode duty times, for

finding the initial conditions, x,,(t,), cyclic averaging techniques can be employed to provide both

accurate predictions of the converter’s output voltage, and all the primary steady state stresses.

An example state-plane trajectory for a complete switching period, obtained using cyclic averaging, is
given in Fig. 7.5. The tank circuit voltage and current solutions follow circular arcs and the trajectory

for the M2 sub-interval occurs when v, is clamped to the output voltage.

4 Ll T T T T
x(t,)

3r ]

2t X(tz) i

1F Discontinuos interval —»/
<
=~ 0 x(t, ) J
— ! x(t,)
-1+ |=+— Discontinuos interval .
At J

-

1 1 1 1

=1 OBE=S IR0 T4 RS-0 SR O SIE2 B SER G 10

Figure 7.5 State-plane trajectory predicted by the cyclic averaging analysis.

A problem encountered whilst applying the cyclic averaging algorithm to the voltage-output converter
is that the parallel resonant capacitor voltage can be either higher or lower than the output voltage,
thereby contradicting the voltage clamping action of the bridge rectifier. As an example of this, Fig.
7.6 shows the discrepancy produced when the duty-cycle is incorrect. Although describing functions
provide a suitable mechanism for estimating the modal duty times, the main reasons for the voltage
discrepancy are attributed to inaccuracies in the original estimation of rectifier non-conduction angle,
which could arise due to excluding the effects of the non-linear rectifier on-state voltage, or the

sinusoidal waveform assumptions associated with the RTFMA analysis.
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Ts) <

Moreover, in RTFMA, the magnitude of the parallel tank capacitor charging/discharging current, ic,

This assumption normally holds in

iLs.

assumes the magnitude of series resonant inductor current

cases when the value of parallel resonant inductor L, dominates the series resonant inductor L, and

parallel resonant capacitor C,, thus behaving like a large current-limiting impedance.
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Most of the resonant tank input current then flows from L, into the rectifier and capacitor C,, whilst L,
will only conduct a small portion of the total current. However, in the case when the value of inductor

L, is not sufficiently larger than L, the current carried by L, cannot be neglected.

Again referring to Fig. 7.4, that the maximum series resonant inductor current i;, occurs at time Lits max
= bee max + (T,/4) in either M3 or M4, depending on operating frequency. From (7-19) and (7-21), the

state transition matrix of the resonant converter at ;1 .., is given by,

.

Arllie_max—T) AT,
e Ls_ Vsl gl -xper(tO) for til.s_max <(dl+d2)Ts
)?(L ) =< - .
o) hl AT R T ATy () fOr e ey SOST,
™ 05T pAT, AT, X per (1) for tis max > 0.5T,
(7-26)
Therefore, current iy, 1, flowing through parallel resonant inductor is,
itp_utomax =[0 0 1 0 0 OR{ty, ) (7-27)

Assuming that the current, which flows into Cp, is small compared to that which flows in L, and L,
during the rectifier conduction period, the voltage at the rectifier is dependent on the direction of the
link-current flowing from the resonant tank circuiti, =i, ~i 1y

Hence, the amplitude of the link current 7, in (7-16) can be determined from the initial cyclic mode

analysis solution in (7-20) and (7-25),

-

Iy = iLs_max - in_u'Ls max (7-28)
The refined magnitude of resonant tank link current is then substituted into (7-15) to enhance the
accuracy of the boundary time that defines the capacitor-charging period at ¢ = d,T..

Although significant improvements in prediction accuracy can obtained by appropriately including the
effect of the parallel inductor current and v, using the iterative refinement procedure described in
Chapter 6, errors still persist at switching frequencies away from the resonant frequency due to the
assumption of sinusoidal series resonant inductor currents. Instead, it will be demonstrated that for this

particular converter topology, the cyclic process itself can be utilised in conjunction with knowledge of
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boundary conditions on the discontinuity of the parallel capacitor voltage, to provide enhanced analysis

accuracy.

Through modifications to the scheme presented for finding the duty time and initial conditions of the
cyclic system, it can be shown that the cyclic analysis can be employed to conduct a localised search to
provide more accurate estimation of the second duty cycle, d,. Improvement of the duty-cycle
accuracy can be obtained by noting that M1 ends, and M2 begins, at the point when parallel capacitor
voltage v, is clamped, implying that vc, = V,,+2vis.. However, errors in the calculation of d, results

in solutions that do not satisfy this condition.

By iteratively sweeping the duty from the initial estimate of d,, the correct duty can be found when the
cyclic analysis solution satisfied the above condition. In summary, the initial estimate ds ;,; is
calculated from the RCFMA equivalent circuit using (7-15), and localised iterative search shown in

Fig. 7.7 is terminated when the parallel capacitor voltage at the end of M1 at time d,T,, satisfies the

boundary condition at time &,T, — vyl Vou~2Vaiode = 0.

| Substitute f,, C, into (7-15) to find initial estimate of d; |

T

[ Find cyclic mode initial condition, X.e{to) from (4-7) using d:

IW Find vcp(d.T.) from (4-6) J

Is the boundary condition
VCpI— Voul -2leode =0 satisfied?

[Veol -Vou - 2Vaiose <0 [ fVeol -Vou - 2Vaiose > 0

< >

Yes

Figure 7.7 Flow-chart describing the iterative localised sweep procedure.
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7.3. Accuracy of Cyclic Averaging Analysis for Voltage-Output Resonant

Converters

The prototype converter in Fig. 7.8, with specifications given in Table 7.1, is used as a
demonstration of the application of the presented techniques. Figure 7.9 compares the measured output
voltages from the prototype converter with those derived from the state-variable model, and cyclic-
averaging, for various operating frequencies and load conditions—a good correspondence between the
results being shown in all cases. Some discrepancy in the predictions of output voltage are attributed

to non-linearities of the switching devices i.e. gate driver dead-time etc.

Table 2.2 Voltage-output converter model parameters.

Parameters Values
DC link input voltage, vpc (V) 30
Series resonant inductance, L (uH) 12.6
Series resonant capacitance, C; (1F) 0.737
Parallel resonant inductance, L, (uH) 25
Parallel resonant capacitance, C, (1F) 0.141
Switching devices internal on resistance, 4 (?) 0.04
Inductor L series resistance, r;; (@) 0.1
Inductor L, series resistance, r;, () 0.15
Instantaneous diode forward voltage drop, Viiode 0.7
Output filter capacitance, Cy(1F) 100
Output load Resistance, R, () 5,10
Nominal resonant frequency, f, (kHz) 90

Figure 7.8 Prototype 4™-order voltage-output resonant converter.
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Further, the electrical component stresses predicted by cyclic-averaging, compared with measurements
taken from the prototype converter, are given in Fig. 7.10, with Fig. 7.11 also showing experimental

waveforms from the converter operating just above the resonant frequency.

Again, it is seen that cyclic-averaging provides an accurate method to model the steady-state behaviour
of the converter over a wide dynamic operating range. It is interesting to note that the parallel
capacitor voltage, v,,, is demonstrated to be only ‘weakly’ clamped during the rectifier on-periods, as a

result of the effects of parasitic inductances around the bridge circuit.

Nevertheless, cyclic-averaging is still seen to provide accurate estimates of component stresses. It is
also notable that the calculation time for obtaining the results using cyclic-averaging is, typically, only
10" of that required for SPICE simulations.
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Figure 7.10 Predicted and measured electrical stresses on resonant components: (a) Maximum series capacitor
voltage, (b) Maximum series inductor current, (¢) Maximum parallel capacitor voltage and (d) maximum parallel

inductor current.
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Figure 7.11 Measurements from the prototype voltage-output LCLC converter.

7.4. Summary

Cyclic mode analysis and averaging techniques have been applied to the 4"-order voltage-
output resonant power converter to facilitate high-speed analysis of the output voltage and stresses on
components. Its virtues have been demonstrated by comparing predictions with measurements on a
prototype converter operating above resonance. State-variable dynamic descriptions of circuits and
their subsequent use for determining the piece-wise linear cyclic model, have been presented, and

analytical formulae have been derived to calculate the electrical stresses on the resonant components.

New methods relying on localised searches and a refined iteration procedure for estimating the mode
duties, have also been proposed. The methods are shown to provide accurate duties for a wide range of
switching frequencies, compared to previously reported methods, particularly for low output voltage
converters, where the effect of rectifier on-state voltage cannot be ignored. The accuracy of the

proposed methodology has also been demonstrated by comparisons with SPICE simulations, which

typically require ~10*x greater computation time.
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CHAPTER 8

Dual-Load Resonant Converters

Increasing pressure on manufacturers to provide high-density power converters is spawning
significant interest in converter topologies that can provide multiple regulated outputs—particular
growth areas being the telecommunications and computer and microprocessor industries, with mobile
phones, PDAs and handheld products typically requiring 3.3V, 5V, £12V and +15V supplies for
various interfaces. To date, fly-back converters remain the low-cost solution for providing a single
regulated output [H1] along with additional semi-regulated auxiliary outputs. Other candidate
converters include buck [H2], forward [H3, H4, HS], and current fed push-pull converters [H6], all
having their relative merits. Such converters employ a transformer with multiple secondary windings,
and the designer chooses to regulate one of the outputs using Pulse-Width-Modulation or excite the
transformer at a fixed duty-cycle. However, cross regulation error that accompanies output load
variations, where the regulation of one output voltage impacts on the performance of others, is a
significant limitation for voltage sensitive electronic systems. If regulation is needed on all outputs,
the designer will generally employ a post-regulation technique, based on linear regulators, individual
step-down DC/DC converters or magnetic amplifiers. Although cross-regulation error can be abated to
some extend using such techniques, the required additional circuitry often precludes their use for cost-

critical applications.

The emergence of enabling technologies such as high-frequency, high-power switching devices, and
low cost digital processing ICs, has recently lead to resonant converters being considered as potential
candidates for DC-DC conversion to deliver multiple stabilized outputs, due to their high efficiency,
limited electromagnetic/radio frequency sensitivity and reduced switching stresses compared to
classical hard-switched counterparts. Again, however, the use of a transformer with multiple
secondary windings, with only one output being regulated through closed-loop control, and the

remaining being unregulated or requiring secondary-side post-regulation, is commonplace.

The development of multiple-output supplies typically requires substantial design effort, with a need
for improved understanding of the behaviour of resonant converter solutions. Current and voltage

waveforms of the resulting transformer-isolated converters can differ significantly from their non-
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isolated parent counterparts, and classical models do not accurately predict their dynamic

characteristics, primarily due to the complexities of modelling the magnetic coupling between outputs.

Here then, the analysis, design and control of the 4"-order LCLC voltage-output resonant converter
(SPRC), specifically for the provision of multiple regulated outputs, is explored.  State-variable
concepts are employed, and new analysis techniques developed to establish operating-mode boundaries
in order to describe the internal behaviour of a candidate dual-output resonant supply. A step-by-step
procedure is given to guide the designer through the most important criterion for obtaining a
satisfactory converter realisation, and the impact of the proposed choices on the ultimate performance
of the supply. Results are included that compare predictions from the resulting models with those from

SPICE simulations and measurements from a prototype power supply under closed-loop control.
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8.1. Multiple-Output Resonant Converter Topologies

Resonant converters utilising a single primary power stage and generating more than one
isolated output voltage, are termed multiple-output resonant converters. To-date, several approaches
have been explored to address cross-regulation issues, complexity and overall circuit performance of
such converters, with solutions now being divided into three distinct groups. The first regulates a
single primary output using closed-loop feedback, with the auxiliary outputs being semi-regulated and
therefore subject to cross-regulation error. Cross-regulation error has been sub-divided into dynamic-
and static-behaviour, by Agrawal {H7], with improvements being shown through careful design of the
output filters. However, a drawback of such techniques (also given in Agrawal and Batarseh [118]) is
the requirement for large filter inductors and capacitors, high turns-ratio transformers, leading to
significant parasitic effects, and a high-valued series resonant inductance. Furthermore, another
disadvantage associated with the requirement for a wide switching frequency range, normally required
for frequency regulation, is poor cross regulation of multiple output converters. The work proposed by
Batarseh et al. [H9] therefore also suggests that the use of constant frequency PWM can be beneficial
as a means of reducing cross-regulation, through optimisation of all components to operate at a single

frequency.

A number of more complex techniques for use with high-order resonant converters (3" and 4™-order)
have been reported in [H10, H11], with designs employing centre-tapped transformers that are
terminated through full-wave rectification and inductor-type output filters. A significant disadvantage
of this configuration, however, is the relatively high diode count accompanying full-bridge
rectification. Moreover, once again, the feedback loop is closed around only one of the outputs with

frequency control often being used for regulation.

The second category of solutions considers precise post-regulation of each output using either linear
regulators or hard-switched dc-dc converters. Although relatively straightforward to design, such

circuits are rarely used in practice due to cost constraints.

The third category of solutions is specific to applications that require only two regulated voltage
outputs, such as commonly found in signal-processing and microprocessor based systems. They avoid
the need for post-regulation by utilising two closed-loop feedback configurations. A 3“-order LLC
converter with two independently controlled outputs has been considered by Elfrich and Duerbaum
[H12]. However, an in-depth analysis to provide optimum performance characteristics has yet to be

forthcoming, primarily due to the significant complexity associated with the highly non-linear
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behaviour and the interaction between the various outputs as a function of load. Nevertheless, it is
solutions that broadly fall within this third category that are investigated in the remainder of this

Chapter.

Specifically, a detailed investigation into the behaviour of dual-output resonant converters, that
combine the benefits of high-efficiency and flexibility, is given in Sections 8.2 and 8.3, with the LCLC
variant, Fig. 8.1, being used to provide a focus to the study. Realisation of a prototype LCLC
converter operating from a standard 15V input and developing two independently-regulated outputs,
via the use of dual-loop feedback, is demonstrated. Control of each output is achieved by switching
the power devices asymmetrically over each half switching cycle using a combination of PWM and

frequency control.
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8.2. Circuit Model of the Dual-Load LCLC-SPRC

Fourth-order resonant converters with capacitive output filters have been considered in
previous Chapters.  From the result therein, it was shown that all variants provided beneficial
attributes compared to 2"-order SRC and PRC counterparts, by combining their best features, i.e. they
can be regulated over a wide load range with reduced circulating power. Moreover, parasitic elements
that are normally problematic for other converter designs, can be readily absorbed into the resonant

network, to enhance performance and reduce mass and volume.
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A schematic of a half-bridge LCLC-SPRC with two outputs is shown in Fig. 8.2(a). By changing the
full bridge rectifier to a dual-complementary rectifier, the resulting dual-load converter combines the
benefits of requiring a minimum number of rectifier diodes and the ability for multi-output regulation.
The rectifier is most efficient under balanced high- and low-side output loading, and, is typically used

together with capacitor-type output filters for low current rating applications.

The transformer in Fig. 8.2(a) can be modelled as an ideal voltage conversion component with a
magnetising inductance, L,, series primary leakage inductance, L;, and secondary series leakage
inductances, L, and L;,. Since the primary leakage inductance of a well-designed ferrite transformer
is much smaller than the magnetising inductances, L,, it can be absorbed into the resonant tank series
inductor, L,. The value of the series resonant inductance can be increased by adding discrete

components, if required, to satisfy pre-determined design constraints.

To demonstrate the ability of the converter to deliver unsymmetrical output voltages, under balanced
load conditions, the transformer is constrained to have unity turns-ratios in both output windings, and
the high- and low-side parallel resonant capacitors, C,j and C,,, are selected to have identical values.
The output filter capacitors, Cy; and Cp, are assumed to be large enough so the voltages they are

subjected to can be considered constant over a switching period.

Since current flows through the primary side of the transformer to the top- and bottom-sides of the
rectifier, during different half-cycles of tank excitation, see Fig. 8.2(b), each output is replenished with
energy alternately. During the positive half-cycle of the parallel resonant capacitor voltage waveform,
Vep, the resonant current flows toward the top-side rectifier through to output, Ry,, resulting in the
voltage V,,,i; whilst the resonant current then supplies power to V,,., When the polarity of the resonant

capacitor voltage changes. Diodes D1 and D2 clip the parallel capacitor voltage to +V . Or =V,

Classically, either the high-side or low-side output will be closed-loop regulated through frequency
modulation. However, variations in line voltage or load resistance then yield cross regulation errors
[H7-H11] on the unregulated output. Moreover, an asymmetric output voltage distribution is not
achievable, in general, under balanced output load conditions, regardless of switching frequency. It is
therefore proposed that the converter is operated asymmetrically through variation of input voltage

duty cycle, and frequency, to facilitate regulation of both output voltages.
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8.3. Principle of Operation
Here, the converter operating in discontinuous voltage conduction mode, is considered. To
achieve zero-voltage switching, the converter is assumed to operate on the negative slope of the input-

output magnitude characteristic, above resonance.

When operating in this region, the resulting waveforms can be sub-divided into two distinct time

intervals (Interval 1 and Interval 2—see Fig. 8.2(b)):

Interval 1 ~ Clamping of the parallel capacitor voltage. Here, the series inductor L, and C, provide
resonant behaviour whilst the voltage across L, and C, is clamped by the output voltage.
As the current through the series inductor, L,, decays to zero, C, begins to contribute to

resonant behaviour, and operation enters the second designated interval.

Interval 2 Decoupling of the rectifier and output filter. Here, all tank components contribute to
resonant behaviour, with the rectifier effectively becoming reverse biased. Current into
both high- and low-side diodes remain at zero, and the parallel capacitors are charged
until their voltage is clamped at either +V,,,; or —V,,,, thereby providing the boundary at

the end of this designated time interval.

In this respect, the dual-load resonant converter, as shown, constitutes a multi-resonant system since
the effective resonant frequency varies during different time-intervals—one being determined by the
resonant components L,, C, L, and C,, and the other by the resonant components and load condition.
With reduced load the resonant frequencies become higher. A more detailed description of the

behaviour is now given.

A half-cycle of converter operation can be modelled by three Modes, M1...M3, as shown in Fig,
8.2(b).

Circuit Mode M1 (t, <t <t,). With reference to Figs. 8.2 and 8.3, at the start of M1, SW2 is tumed
off at #). At this time, the series inductor current, i, is negative and flows through the internal body
diode of SW1, thereby facilitating ZVS of SW1. Also during this period, i/, allows D2 to conduct and
transfer energy to support the output voltage, V,,,, whilst the voltage on C;, is clamped to V,,,—all

the rectifier current therefore flows to the load. At the end of M1, the rectifier current i, has decayed
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to zero, and both high- and low-side rectifiers, and the output filter, are effectively decoupled from the

resonant tank. This marks the beginning of Mode M2.
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Figure 8.3 Circuit modes.

Mode M1
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Mode M3

Circuit Mode M2 (t, <t <t,). Here, the series resonant inductor current i;, starts becoming positive.

Since SW1 was turned on during M1, current flow is now through SW1. Initial conditions for this
mode are that i;,=0 and v.,;= V,.,. The inductor current i;, and parallel resonant capacitor voltages
now take on sinusoidal characteristics. Since the outputs are effectively disconnected from the tank,

both C,; and C,; contribute to resonant behaviour. Both rectifier currents are therefore zero and the

converter outputs are in an ‘idle’ state, being supplied solely by the charge on the filter capacitors.



Dual-Load Resonant Converters 163

By initially neglecting the rectifier on-state voltage, and noting that the effective parallel resonant

capacitance C, is the sum of shunt network capacitances C,; and C,;, v, during the capacitor charging

period is described by [H13]:

L)

Ve (t) = VC,,,(:,)+CL [i sin2a,ds (8-1)

Py

where fin =i, —iy,. Evaluating (8-1) with initial conditions v () = v¢,, (1)) = -V,,,,» yields:

1-cos(2f, (t, -1,)) (8-2)
27,C,

vCpl(tZ) = _VouIZ + iin X

The boundary for the end of the capacitor-charging period is vc,,(#;) = +V,,,,, , which yields the rectifier

non-conduction angle, ¢,,, associated with positive polarity of current, iz, through the high side

cl
rectifier:

x cos™ (¢,,)
s (8-3)

2+.C
¢, = cos"(l —————4’7 ”v"”)

1
=t =2

ln

where v, =V, +V. . This mode ends when SW1 turns off.

out! out2

Circuit Mode M3 (t, <t<T, /2). At t=t, D] becomes forward-biased and D2 reverse-biased. The
rectifier diode current iz, remains zero throughout the duration of M3, and D1 clamps the capacitor
voltage, v, to +V,,, until i;, decays to zero, at which time the second half-cycle of operation

commences.

For 50% duty-cycle excitation, the 2™ half-cycle of operation is the miror image of the first.
However, for asymmetrical excitation, the output rectifier diode (D2) non-conduction angle, associated

with the series resonant inductor current being of negative polarity, is given by:

24f,C
b = cos"][l 2 ] (8-4)

1

in

where i, =i, - iy,
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The voltage, v, , across the parallel resonant capacitor can therefore be expressed as a function of the

angle@ —see Fig. 8.2(b):

~Voura + 27;"6. x (1-cos(6)) for §=0...¢,
SVP for 9:¢Cl...ﬂ-
vcp1(0)=< j” outl (8:5)
Voutt = 27;nC x(1-cos(g)) for O=rm..m+¢,
S—I}D for O=7n+@,...2m
out2

Under steady-state conditions, the mean output current i, flowing through D1 towards the output
filter and load, can be determined from the mean current flowing through the rectifier when it is of
positive polarity. Since this occurs during the interval @, <8 < 7, i, is given by:

1 [iasin(6)a6 (8-6)
I

i

outl =

Substituting (8-3) into (8-6) and evaluating the integral provides the solution for i, as follows:

I A _ C
bt = (1 +cos( ) = =T e e )

V(4

Simple mathematical manipulation of (8-3) and (8-7) then gives the corresponding rectifier non-

conduction angle g, :

ﬂioutl - mcpvtal ] (8'8)

moul] + %vawr

Voun is determined by assuming the output filter capacitance C ; is sufficiently large to impart

negligible output voltage ripple. In this case:

" R
Vourt = louaRp1 = lmzﬂu x (1 +C°S(¢c1))
R, i —#f.C
— Ll(lm ;jf: pvlot) (8-9)

=B—141—X ;‘;n _mchouQ
T 1+R, f.C,



Dual-Load Resonant Converters 165

Equations (8-6) to (8-9) can be further manipulated to provide the complementary D2 non-conduction

angle, ¢, , and the output current, i, and output voltage V,,,,, as follows:

ioutZ = ;l_:r X (l + cos(¢r2 ))

=-§£X Z'n _%CpVoul]
“Tm 1+Rf,C,

(8-10)

Notably, a high-sensitivity and inter-dependence between the high- and low-side output voltage

distributions, and i;, and i, , has been observed, and will be discussed in detail in later sections.

8.4. State-Variable Model for Dual-Load Resonant Converter

A state-variable model describing the behaviour of the dual-load converter can be obtained by
considering the electrical network in Fig. 8.4. The model is derived by separating the converter
dynamics into ‘fast’ and ‘slow’ sub-systems, with their interaction related by a set of coupling
equations. The leakage inductances of a well designed ferrite transformer are normally small
compared to its magnetising inductance. For this reason, their effects are initially neglected for

brevity.

State variables are selected based on voltages and currents that govern the operation of the resonant
tank. The fast sub-system is therefore considered to describe the dynamics of the resonant tank and

power switches (8-11)—the underlying equations exclude the effects of parasitics.

e i

dt —CS

ﬂL_S__VIn—'vC:_va

dt L

By _Vip (8-11)
dt L

P

dvey, b T R T T

dt c

pl
dVsz b Ty TRy Tlgp T
dt C

p2

As discussed previously, the path of the current leaving the transformer secondary windings changes
during the positive and negative half-cycles of the parallel capacitor voltage, due to the effect of the

rectifiers allowing current to conduct only in a single direction. During the positive half-cycle interval,
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D, is forward biased and permits the rectifier current i to supply the load Ry,. During the negative

half-cycle the top rectifier is reverse-biased and D, supports power transfer to load Ry.

Ves Ligq . D1
- o T |R1 - »l
c G R e #Vi
s iLs —~y e I e A
e s AR TR = bestl Lo
R CoiT Ve C l = Ry
\ Vi, duty ratio ‘ L& Vep1 I 1
| —Sp» 1 T .
| ‘A = =
@ | ‘ | I LtV sy I, ke
1 - / ( J—
‘ i il o e Vcp2 Vi [, -
l ! fS 1:2 Lsz = CQ CfQ :l.. : e RL2
j C . y ]
' : Ir2 (
: L—’MU,_,\.‘_HV__ L =i *VoutZ
I-Is2 b2

Figure 8.4 Simplified circuit diagram of the dual-load SPRC including output leakage inductances.

If the output filter capacitors are assumed to be sufficiently large so as to maintain a constant voltage

on both outputs, over a switching period, their contribution to the dynamics is given by:

YT Y /1
i Gl GrR T
Ay _ipy Vo2
dt  Cp, CpRp,

As discussed, during interval t,— f, (see Fig. 8.2(b)) the parallel resonant capacitor voltage is clamped
to output voltage, v,y during the positive half-cycle, and conversely, to -v., during the negative half-
cycle, due to the action of the rectifiers. By noting that there will be negligible current flowing through
C, during these periods, the rectifier input voltage is dependent on the direction of the current leaving

the resonant tank inductances, i.e. 7, =i,, —i,,. The relevant coupling terms are therefore obtained by
equating voltages at either side of the rectifier [H14], for each respective half-cycle, as follows:

Vet =S8N ) Vot + Viioae) = 580G, YVert + Vaiode)

(8-13)
Vepr = SENL)Voura + Vaiose) =S8N Ver 2 +Viioge)
Assuming a constant rectifier on-state voltage, (8-13) now reduces to:
dv dv,
R
(8-14)
dvcp2 et )dvdz
dt =
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The use of the model is demonstrated by example. Consider the rectifier current, i, is zero during the
posittve half-cycle of the parallel capacitor voltage. Equations (8-14) and (8-12) can be substituted into
(8-11) and solved for the rectifier current ig,,

Iy =g —lgpy —lpy sgn(i i Vi
= I, B mmiae—
C, Cp CpRy

fku[ sgn(iL)Cp +Cpy J _ i en e 58 (8-15)

Cplcfl C CflRLl

pl

i

_ Cplcfl I, —lcpy — g2 + Sgn(iL )vrfl]
= X
Sgn(lL )Cpl + Cfl

Cpl CflRLl

This leads to the following coupling equations describing the rectifier currents within each half of a

switching cycle:

C,iCri Iy =lgpy ~ I sgn(iL )vcfl f -V 4
i ( )C C C + C.R Or Ve = Youn t Vaiode
rR=ysgn JO, +C0p Pl 1t
0 for vCpl < Voull + Vdiode

(8-16)

( CpZsz Iy ~icp ~Ip + Sgn(iL)chz
Ip2 = Sgn(iL)CpZ +Cpy C, CraR;y
0 for v(‘p2 < VoulZ * Vaiode

J fOI' vCp2 = VourZ + Vdiode

Figure 8.5 shows typical current waveforms at the output side of the centre-tap transformer, when
operating subject to both symmetric and asymmetric input voltage excitation, and assuming the effect
of transformer output leakage inductances are negligibly small ie. L,, C,, L, and C, dominate
behaviour—i,,, and i,,., are the currents leaving the output windings of the transformer. This then,
means that the voltage across L, is assumed to be a reflection of the voltages across C,; and C,, and

the state vector for the parallel inductor current in the fast sub-system (see Equation (8-11)) simplifies
1o v;, =v,. It can be seen that C, and C,, charging/discharging currents are similar, implying that
current flowing from the primary side of the transformer is equally shared between them during modes
M2 and M4 (when D1 and D2 are reverse-biased). Notable, in this case, is that the shunt connection of
the parallel resonant capacitors can also be used to conveniently include the effects of the transformer

output stray capacitances or output rectifier diode junction capacitances.
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Figure 8.5 Typical current waveforms from the resonant tank into rectifier when excited by (a) balanced input

voltage (50% duty), and (b) asymmetrical input voltage (30% duty).

The state variable equations for the parallel resonant capacitor voltage (8-11) can be simplified to:

depl - iLs _in - iR

@ (8-17)
dVsz - Iys —lp —lg

dt 2C,,

The complete state-variable model of the dual-load converter (excluding the effects of output leakage

inductances) is given by:

03)(3 A] 02x3
x={ A, 0% 0™ [x+B (8-18)
02x3 02x2 A3

where

x=[vCpl Vep Vos Up s Ven quIr

1 1
20, 2C 1 1

pi pl — 0 0 - 0

1 1 L, C,R, (8-19)
Rl T Ton S B o 1

p2 p2 -_ 0 -—— -

0 1 L, L, CpR,,
L C—‘ J
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The model is now used to investigate the behaviour of the dual-load converter when subject to
asymmetrical input excitation, with balanced output loads. The converter is supplied from a 30V DC-
link. Model parameters for the simulations are given in Table 8.1. A resulting plot of the steady-state
output voltage characteristics, V,,, and V,,,;, as a function of switching frequency and duty-cycle ratio,
is given in Fig. 8.6 (the secondaries of the transformer have identical tumns ratios, and the parallel

resonant capacitances are the same).

Table 8.1 Converter model parameters

Parameters Values
Characteristic impedance 25
Resonant frequency, £, (kHz) 130
Resonant capacitance ratio, C, 0.03
Resonant inductance ratio, L, 0.01
Series load quality factor, Qg 6

From Fig. 8.6, it is evident that for operation above resonance, the sum of the output voltages applied
to the loads increases as the operating frequency tends to the effective resonant frequency, for fixed
values of duty ratio. Furthermore, for 50% duty ratio, giving symmetric square-wave excitation of the
tank, the converter delivers identical voltages to both high- and low-side outputs, for fixed operating

frequencies, as expected.

For a given operating frequency, a decrease in the duty ratio, from 50%, is seen to deliver more energy
from the resonant tank to energize output V,,,, thereby yielding a correspondingly higher output
voltage, and power. Conversely, increasing the duty ratio beyond 50% is seen to deliver more power
to the secondary winding to support a higher V,,,. From this characteristic, it is clear that, for
balanced loads, the voltage and power distribution to each output can be independently influenced by

suitable choice of duty ratio and switching frequency.

For completeness, Fig. 8.7 compares the difference between possible output voltages, from which it
can be seen that the slope of the curve is greater for lower values of switching frequency. This implies
that when a large difference between the output voltages is required, the converter should be operated
close to resonance, leading to high efficiency operation, and zero voltage switching. However, this

also means that the tank components are subjected to higher electrical stresses.
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Figure 8.8(a) shows the relative voltage distributions as a function of the ratio of the input voltage
duty, and load quality factor, Q,,;. It can be seen that the slope of the characteristic is relatively
independent of the quality factor, for high Q,,, although the attainable difference between the output
voltages is seen to be greater for low values of load quality factor. Hence, operation with low Q,,
should be chosen to facilitate large voltage differences, as opposed to the use of high Q,,; to facilitate
sinusoidal tank currents and voltages. Moreover, low Q,,; conditions implies that the output voltage
vs. frequency behaviour of the converter has a ‘flatter’ characteristic, and a greater range of switching
frequencies is required to regulate the output voltage when the converter is subjected to variations in
DC-link voltage or load, thereby requiring greater controller effort and bandwidth for tracking control.

A trade off is therefore required in the selection of the key converter parameters.

s s
: :
: :
o 5
(o]

(a) (b)

Output Vokage (V)

o

Frequency (kHz) 2 Duty (%)

(©
Figure 8.6 Output voltage distribution vs. switching frequency and duty ratio: (a) Output Voltage +Vo,q, (b)
Output Voltage +V,,, and (c) Simulated voltage distribution.
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Figure 8.8 Dual output converter characteristics as a function of (a) duty ratio and Q,,, as design parameters and,

(b) duty ratio and resonant capacitance ratio C, as design parameters.
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It is instructive to show the impact of converter parameters on the attainable voltage distribution.
Figure 8.8(b) therefore shows an example of the resulting voltage distribution, as a function of duty
ratio, as the resonant capacitance ratio C, is varied. It can be seen, in particular, that the slope of the
characteristic is greater for low ratios of resonant capacitance. Hence, it is instructive to choose a low
value for C, ratio during the design phase. However, a choice of low parallel capacitance means the
input-output voltage characteristic exhibits a reduced resonant peak, and consequently, the voltage
boosting capability of the converter is limited. Furthermore, the input-output voltage conversion ratio,
at the effective resonant frequency of the tank, is consequently lower, and the resulting converter

therefore appears more suitable for step-down DC-DC applications.

Figures 8.6 to 8.8 have established that a chosen distribution of output voltages (with balanced loads)
can be maintained using a combination of switching frequency and duty ratio control, so long as the
maximum deliverable voltage, and input voltage vs. input current phase angle, are not exceeded. For
the particular converter example considered, Table 8.2 lists example operating conditions for providing

various output voltage distributions, with the DC-link fixed at vpc=30V.

Table 8.2 Example output voltage distributions.
f.= 145 kHz, duty cycle ratio=20%

Vou!l (V) VoulZ (V) iLs (A) Ves (V) Aﬂm (o) ¢ cl (o) ¢ 2 ()
I5V@20W  10Vv@10W 7.15 8 0 53.8 513
;=145 kHz, duty cycle ratio=80%
Voull (V) VoutZ (V) il.s (A) Ves (V) Aﬂm (0) ¢cl (0) ¢ 2 (0)
10V@10W  15V@20W 4.84 25.6 64.5 514 53.9
f:=205 kHz, duty cycle ratio=50%
Vnutl (V) VautZ (V) Ls (A) Ves (V) Aﬂm (o) ¢cl (O) ¢ [2] (0)
15V@25W  15V@25W 5.69 16.99 47 59 59

Under nominal operation the converter is designed to be excited with a square-wave input voltage at
S=210 kHz. Figure 8.9 therefore shows the required operating point, as a function of frequency and
duty cycle, on a contour plot. Assuming both outputs can be independently regulated, if the demand
on the low-side output is varied from +15V to +10V, but the demand on high-side output remained
unchanged at +15V, then a compensator is required to reduce the duty-ratio to provide an asymmetrical
output voltage distribution until the measured low-side output voltage is equivalent to the demand.
However, a variation in the input signal duty-ratio to regulate the low-side output will also affect the

high-side output voltage, due to cross-regulation. Consequently, a corresponding change in excitation
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frequency, is also necessary. To compensate for a reduction in the high-side output voltage, as the
duty-ratio is decreased, the compensator must also decrease the switching frequency towards the
effective resonant frequency. However, due to cross-regulation, this change in switching frequency
will have an impact on the low-side output voltage, which will require an appropriate change in duty
ratio, once again. An appropriate compensator must therefore find a stable operating point by
controlling both the switching frequency and duty-ratio, to provide both demanded output voltages. In
particular, for the case considered, when operating at f=145 kHz, with duty-ratio of 20%, Fig. 8.9(a)
shows the example converter delivers the demanded +15V to the high side output, and +10V to the

low-side output.

Conversely, with an 80% input signal duty-ratio, the opposite voltage distribution is obtained, as

shown in Fig. 8.9(b), by virtue of employing identical turns ratios on the secondary sides of the

transformer.
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Figure 8.9 Simulated operating point for asymmetric input voltage excitation: (@) Voun=15V, Vouz=10V and (b)
Vour=10V, V,.=15V.
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Theoretically, a controlled variation in the output voltages, as shown in Fig. 8.9, can be obtained by
operating the converter around a designated point in the region of high gradient on the frequency
characteristic. However, high efficiency soft-switching operation cannot be sustained if the converter

is operated at resonance, to obtain the maximum output voltage difference.

Figure 8.10 shows an example input voltage vs. input current, phase difference, Af,, , for the example
converter, plotted against the normalised switching frequency @, =, /@, and input voltage duty-
ratio. At frequencies less than the tank resonant frequency, the input impedance of the tank network Z,;,
is dominated by the tank capacitance. Hence, the input switch current fundamental component leads
the input voltage, and the resonant tank presents an effective capacitive load. This provides Zero
Current Switching (ZCS) for Af,, <0. When the resonant converter is operated above resonance,
Zero Voltage Switching (ZVS) occurs, and the resonant tank presents an effective inductive load to the

half-bridge switches, and the switch current lags the switch voltage.

VS

Phasa difference Y. ()
=}
L

80

60
1.2

40
1.1
Narmalised Frequency @ 20 Duty Cycle (%)

Figure 8.10 Phase difference Af;, versus the normalised switching frequency and duty ratio.

in
At the effective resonant frequency, under asymmetric square-wave input voltage excitation, the input
voltage lags the first harmonic of the input current, AS,, <0 when the duty cycle falls below 50%—see

Fig. 8.11. The condition for inductive mode conduction, under asymmetric conditions, is therefore

expressed as,

ABy = Bin =gy 20 (8-20)
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where Af, is the phase angle between the actual square input voltage and fundamental of the input
current; S, is the phase lag between the first harmonic of the input voltage and current; and ¢,;;, is
the phase of the fundamental frequency component of the input voltage, vy . (Noting that £, =0 at

resonance, and /3, >0 above resonance, implies that the first harmonic of the input voltage leads the

first harmonic of the current).

~—2nD—s} 2n(1-D)

(b)

Figure 8.11 Waveforms of input voltage V;,, resonant circuit fundamental input voltage v, and series inductor

current iz, at (a) D=0.5 (A, = g, ) and b) D=0.3 (Ag, < 3,)

For asymmetrical operation of the converter, the duty-cycles of SW1 and SW2 are denoted,
respectively, D and 1-D, where D is the ratio of the turn-on period with respect to the switching period.
Asymmetric switching therefore provides an asymmetrical voltage source ¥}, to excite the tank, of
amplitude vpc:

(8-21)

YL Vpe 0=0...22D
b 0 0=2mD...27
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Assuming that only the fundamental component excites the resonant tank, and applying relationship
tan™'(cos(6)/sin(0))= /2 + @, the first harmonic of the resulting input voltage, vix), and its phase

angle, ¢, are given by:

2v y
Vi) = ;C \/ 1-cos(27D) x sm(a)t + ¢w.(,))

(8-22)
/4
1 =——72D
¢w(l) 2

The condition for inductive switching can now be re-written as /3, > #{0.5—D), which is obtained by

increasing the switching frequency to give an increase inAS, . However, this will induce higher
circulating currents that increases conduction losses and contributes to thermal problems. Increasing
the switching frequency also compromises the ability of the converter to deliver wide voltage
differences between the high- and low-side outputs. The converter should, therefore, be ideally
operated at the minimum switching frequency, above resonance, that can achieve ZVS. The minimum
frequency allowed is called the critical frequency, f.;. To preserve ZVS as D is decreased, the

required critical frequency moves away from resonant frequency, as illustrated in the example of Fig.
8.12

Zvs| ¥
<
g
S
&
w
Critical frequency, f;
{ /il ZVS-ZCS Boundary
ZCS Z
‘r ‘w',. 7 | J
20 30 40 50 60 70 80
Duty (%)
e BTl o e B e e
ZCS ZVS

Figure 8.12 Boundary condition and critical frequency to preserve ZVS.
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A study of the magnitude of the series resonant tank inductor current, i, and the series tank capacitor

voltage, v, along with the phase-lag between the input voltage and current, Af,,, and the output

rectifier diode non-conduction angles (4., and @) for both polarities of the parallel capacitor voltage,
can be further used to identify possible operating regions for delivering asymmetrical voltage
distributions, whilst maintaining inductive mode conduction, Fig. 8.13. It can be seen from Fig. 8.13

that an asymmetrical output voltage distribution can be achieved by noting the value that the parallel

capacitor voltage is clamped.
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Figure 8.13 Simulated input voltage vs. current for various voltage combinations: (2) Vour=+15V, Vouz=+10V
and (b) Vour=t10V, Voun=*15V.
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Other important design considerations are also shown Fig. 8.14, where, from Fig. 8.14(a) it can be seen
that the input current leads the actual input voltage waveform by a greater phase-angle, at resonance,
for high load quality factor conditions. Therefore, more energy is lost through circulating currents at
light loads if the converter is ZCS. When ZVS under light load conditions, increased conduction

losses also occur when compared to heavy load conditions, due to higher values of AS,, . A design

trade-off therefore exists between accepting high circulating currents under either ZVS or ZCS

conditions, or high input switch currents.

Phase Difference A7, ()

1.2

Normalised Frequency w, . 5 Quality Factor Qupy

Maximum i, (A)

10 Quslity Factor Qu

Normalised Frequancy 9

(b)
Figure 8.14 Resonant tank input characteristic at 20% duty cycle: (a) Input phase angle and (b) Maximum iy
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8.4.1. Including the Effects of Output Leakage Inductances

Although resonant converters are generally designed to operate at relatively high frequencies,
using ferrite materials often capable of operating in 200-500 kHz range and implying that low
transformer leakage inductances can be obtained, designers need to be aware of the impact of even low
levels of leakage inductance on converter performance. This is particularly true for converters with

multiple outputs.

Here then, an enhanced state-variable model encompassing the dynamics contributed by leakage
inductance, is derived. Incorporating such effects is shown to significantly complicate the analysis,
particularly when determining the state of the parallel resonant inductor current, i, for the dual output
topology, since the voltage seen across L, cannot be assumed to be directly related to v, as a result of
the voltages across the leakage inductances, L, and L;,—the model must therefore be augmented with
vy, to allow a solution for i;,. The resulting model is used to predict the behaviour of the converter,
with comparisons of measurements from a prototype converter being used to validate the proposed

analysis methodology.

As in the previous case, the converter is separated into fast- and slow-subsystems. Figure 8.15 shows a
model of the resonant converter’s ‘fast’ sub-system. A comment on the use of Fundamental Mode
Approximation (FMA) based component models, is necessary at this stage. A multi-state voltage sink
consists of an equivalent FMA model comprising of a large capacitance in parallel with a load
resistance. Whilst the rectifier is omitted in the state-variable representation, its influence on the fast-

subsystem is accommodated through the addition of current sources, as shown in Fig. 8.15.

This additional step is justifiable by noting that the interaction between the fast- and slow-subsystems
is solely based on coupling equations consisting of the characteristics of the rectifier output currents ig,
and ix;. The slow-subsystem describes the behaviour of the high- and low-side rectifier outputs and the
capacitive output-filters and loads—vc,; and v, are considered to be the inputs to the high- and low-

side output sub-systems, respectively.

The dynamics of the fast sub-system therefore consists of a set of state-variables whose value at time ¢
= 1y, together with the input for all # > #,, completely determines the behaviour of the system for any
time ¢ > ¢. The choice of states-variables is not unique—two sets are variables are employed here.
One is based on the provisional selection of capacitor voltages and inductor currents, for state

variables, as used in Chapter 2. This has the advantage of employing states that have a physical
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meaning, but can often lead to problems when deriving models for complex piecewise linear systems,

as is the case here, since the formulation of appropriate coupling equations can be difficult.
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Figure 8.15 State-variable representation of the fast-subsystem.

An alternative selection, also used herein, is based the control canonical state-space realization. This
is very attractive for this application since it allows the impact of parasitic elements to be readily
included in the formulation of a dynamic model, albeit at the expense of losing some of the physical
significance of the state variables. The reader is directed to Appendix B where details of the control
canonical state-space realisation is discussed in detail, and applied to model an example 2"*-order CL

resonant converter.

As previously discussed, the inclusion of transformer output inductances necessitates the augmentation
of the ‘fast’ subsystem model with an extra state, v,,, to subsequently allow a solution for 7, (8-11).
The equivalent model in Fig. 8.15 is analyzed by considering the voltage and current sources

independently.

Investigating the impact of the sole voltage source ¥, by open-circuiting the independent current
sources iz and ig,, the transfer function describing the relationship between parallel resonant inductor

voltage v;, ,;, and voltage source, ¥}, in the Laplace domain, is given by,

n-1
bs" " +...+b,_,s+b,

G(s)=—,
s"+as"" +...a,_s+a,
10 s bn hsz
G VYoo _ G alO alO
v(8)= e T
I TR L )
o o alo

(8-23a)
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where
by = LleleISZ

L,L L L
b11= plsl+ pis2

Cp2 Cpl
L

by = £

CoCp2
a0 = LpLigLysa + LiLpLysy + LiL Ly + LiL Ly, (8-23b)
ay = LxL’S‘ + Ls Ly + LSLP + LSLP + Ly Lis» s Llesz + Llesl " Llesl + LPLI:Z

CpZ Cpl Cpl Cp] Cs Cs Cs Cp2 Cpl
a, = Ls + Lls] + Llsl + LP + LP + Lp

CpleZ Cscpz Cscpl CstZ Cscpl CpleZ

1

W=cc.c
s~ pl~p2

Transforming (8-23) into the time-domain results in a single-input/single-output (SISO) fast subsystem

excited by a single voltage source, described by an ordinary differential equation:

d6vL i d*v, . d*v,,
a9 d"(’,'w +ap dt,‘,‘-w +ap; dt,;_w +a13Vep i
(8-24)
as, a, a¥v,
=bg—5-+tb—3+ by —3"
dt dt dt

A state-space realisation is obtained by converting the prototype input-output differential equation
description into the relevant canonical/companion form, through equating coefficients of the dynamics

(A.) and output matrices (C,), as follows,

X, =A_ x,+B,y » =C.x,+Du, (8-25)
where
[0 1 0 0 0 0 ]
0 0 1 0 0 0
0 0 0 1 0 0 0"
Aa=| 0 0 0 0 1 0 B, =[ | }
0 0 0 0 0 1
4 9 %2 o _%
L %o Q0 @y ]

C =[_hxh 0 __b_lO_x.c_I_‘_Z_.’.ﬁl_ 0 __bl_Ox_‘_Il_l__._h O:I DI=[1]
Ay 4y Qo Qo 4 ap, Qo 4y



Chapter 8 184

[Note: Only the final result is presented—the reader is directed to Appendix B for details of the
derivation). The procedure can be repeated to obtain the relationship between the fast-system dynamics
as a result of excitation by the high-side rectifier output current source iy—the input voltage source

and rectifier current, iz,, being substituted with a short-circuit and an open-circuit, respectively.

Through inspection, the resulting Laplace transfer function for the input-output relationship, is given

by (8-26) (full derivation details given in Appendix B),

n-1
bs" " +...+b,_,s+b,_,

GE)=———
s"+as"" +...a,_s+a,
(8-26)
b b b
0 Sy 203 Tng
Vip iRl a a a
_Yip iRl _ Oy 20 20
Gim(s) = h a a a
in 56+_2_ls4+__22,32+_gl
ax ay 21

where

L.L, L.L L,
by=LL,L, by, = pC + C 2 bzz=cc

s P2 s~ p2

Ay = LstL/lepl + LpLIleIsZCpI + LsLIleISZCpI + LstLISZCpI
LpLI:lel + LpLIlepl + L:Llslc
c C C

s r2 P2

+ LI:2LIsICpl + LpLISZCpl + L:chpl
C C C

3 5 5

pl

ay = L:Lp +L,,L,s2 +LL,+

eyt L b BCn LG

Cs CpZ Cpl C: Cs Cp2 C.s CpZ
g = 1
23 CS sz

Again, (8-26) can be transformed into an ordinary input-output differential equation form, and, after
some mathematical manipulation and simplification, into a controllable canonical state-space
realisation, as follows:

X, =AX, +Bou,

(8-27a)
y2=Cux, +D,u,
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where
[ o 1 0 0 0 0 |
0 0 1 0 0 0
0 0 0 1 0 0 oS
A=l 0 0 0 0 1 0 B, { | }
o 0 o0 0 0 1 (8-27b)
3 g % g 4%
L 9 ay Ay J
Car{® 0 B0 20| b,
L 920 y ay

Finally, the same procedure is used to obtain the state-space realisation resulting from excitation by the
low-side rectifier current, iz;. Inspection of the equivalent model in Fig. 8.15 shows that the resulting
canonical formulation for the parallel inductor voltage, as a result of low-side rectifier current, v;, j, is
identical to that of (8-26), with the respective input, so the derivation process is not repeated for
brevity. The resulting controllable canonical state-space realisation is given in (8-28).

X3 = A,X; + By, y3 =C %3 + Dy, (8-28)

A state for the parallel resonant inductor voltage, v,,, is obtained from the summation of resultant
voltages from the three models given in (8-25, 8-27 and 8-28), with inspection of the polarity and
direction of flow for the high- and low-side output rectifier currents, giving: -

Vip = CoXy =DV = CoyXy = Doglp +CyX3 + D i, (8-29)

The primary advantage of employing a canonical transformation is that ordinary differential equations
are readily converted through simple analytical substitution, thereby permitting derivation of the output
state that may often be difficult to otherwise obtain. However, this simplicity is at the expense of not

providing an intuitive physical meaning to all the states.

By including the effects of transformer output leakage inductance, problems can be encountered whilst
solving for the state of the parallel resonant capacitor voltage (8-10) due to numerical problems when
calculating the matrix inversion, for simulation purposes (eg. when using the state variable models in
the MATLAB®/SIMULINK environment). Moreover, the equation for V¢, incurs an ‘algebraic loop’.
In an attempt to alleviate such problems, the canonical realisation previously used can be conveniently

applied to describe high-side parallel resonant capacitor current, ic,;. By so doing, the parallel
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capacitor voltage can be found from the capacitor current. Only the augmented state for the high-side

capacitor current is needed to break the troublesome ‘algebraic loop’ in the state-variable model.

Consequently, with reference to the fast sub-system equivalent model in Fig. 8.15, the capacitor
current ic, is portrayed as the net current through the high-side parallel resonant capacitor C,; when

subject to excitation by ¥}, iz and igy:

6. 4. 2. 4 2
d Icp _vi d Icp vi d Cp_vi . d V; d Via
as & T4 7 T 5 +tagic, v =baw—3+by—
dt dt dt - dt dt
6, 4, 2, . 3. _
icy iRy d icy iry d7icy_in . _, dig dig dip
aso 6 1as T tas s +as3icy, g1 =bso——<~ +bs—3 +bs;
dt dt dt - dt dt dr
6, 4, 2, 3. .
4 d’ic, g2 d’ic, ira . d%ic, ir2 i _p Lin, dig
60 a° L3 ar 62 e Ae3lcp _iR2 = w—dt3 ol
(8-30)

Full details of the derivation are given in Appendix B.

As before, the ordinary differential equation in (8-30) is used to obtain the controllable canonical state-

space representation, with the dynamic state and output matrices given by,

Xg=AnXy + By ¥s =CraXq +Degty
Xs = AgsXs + B sus ys =CesXs + D sus (8-31)
Xs = AcsXe + B glhs ¥s =CeXe + D els

The net current through the parallel resonant capacitor, ic,i, is determined from (taking care of

polarity):
iy =CoaXy + DV, — CosXs — Disipy +C X + D iy
dep _ gt (8-32)
a C,

dVsz b Ty ~lry Tlep T e
dt C

p2

Substituting the output state from (8-29) and (8-32) are into (8-10), and, together with the coupling
equations in (8-15), can lead to a steady state solution for the resulting state-space model. The fast- and
slow-subsystem models can also be combined and used for implementation in simulation environments

eg. MATLAB®/SIMULINK—see Fig. 8.16. However, by using (8-29) and (8-32), 12 new states are
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introduced despite the order of the resonant converter system being only 6, implying that the 12 states

are not unique and, are dependant of one another,
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Although simulation using the control canonical form can be undertaken, it incurs longer simulation
time, as the model now contains redundant state variables, with detriment to the application of the
state-variable model as an interactive design tool. Alternatively, this limitation can be abated to some
degree, by formulating the augmented state space equation for v,,, due to each input in the observable
canonical form. Modelling of the dual-load resonant converter using observable canonical state-space
realisation is not included here for brevity. Therefore, the reader is directed to Appendix B where
details of the observable canonical state-space realisation are discussed, and it is employed to model
the equivalent circuit in Fig. 8.15. The subsequent state of parallel resonant inductor voltage, v,, has

identical order to that of the resonant tank fast subsystem.

Having derived augmented state-variable models that include the effects of leakage inductance, they
are now used to predict the steady-state output characteristics from a prototype dual-load converter.
From a describing function analysis of the capacitive-output 4"-order resonant converter, discussed in
Chapter 6, parameters and components for the converter can be designed. For the dual-output
application, the target is to optimise the performance for two asymmetrically distributed output
voltages. From the analysis given in Section 8.4, the optimal operating point of the converter is when
the switching frequency is close to the resonant frequency, dictated by L,, L,, C, and C,, whilst
employing a duty ratio of around 20%. This leads to a voltage gain of the high-side output being
greater than that of the low-side output.

Table 8.3 Prototype 4"-order dual-output resonant converter specification and component values

Parameter Value
DC link input voltage, vpc (V) 10
Series resonant inductances, L, (uH) 0.85
Series resonant capacitances, C; (uF) 1.5
High-side Parallel resonant capacitances, C,, (uF) 0.116
Low-side Parallel resonant capacitances, C,, (LF) 0.116
Load resistance, R, (2) 4
Filter capacitance, C;(uF) 100
Magnetising inductance, L,, (uH) 109
Transformer primary leakage inductance, L,,(uH) 0.7
Transformer output leakage inductance, L (uH) 0.1

In the proposed design, a half-bridge converter is used and the transformer tumns ratios are chosen to be

unity. To determine the resonant tank components, many trade-off issues are involved, as has been
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discussed in Chapter 6. With this in mind, an experimental converter with a step-down capability has
been commissioned with the measured component values given in Table 8.3. A ferrite 3F3 suitable for
high frequency applications is used for the transformer core and resonant inductor. Leakage
inductances are dependent on winding arrangement; therefore the secondaries are bifilar wound close

to the core and beneath the primary to reduce secondary leakage.

The parallel resonant inductor is designed to be on the transformer primary side, such that L, utilises
the magnetising inductance, L,, of the transformer. The effective series inductance comprises of the
series inductor, Ly, and the primary leakage inductance, L, and is measured to be 1.55pH. The
transformer output networks have two identical inductances and the assignment of the polarity of the

rectifier current is realised through winding orientation.

A comparison of output voltage obtained from the state-variable model (8-11, 8-29 and 8-32),
simulated to steady state, with results from SPICE simulation results, is given in Fig. 8.17, from which
clear discrepancies are clearly evident. In particular, there is a difference in resonant frequency, and
the characteristic curve becomes narrower—a feature that is attributable to the presence of non-zero
transformer secondary leakage inductances. By incorporating the effects of leakage into the state-
variable model (8-11, 8-29 and 8-32), the predicted output voltages of the converter are modified to
those shown in Fig. 8.18, which again include SPICE simulation results, along with measurements
from the prototype converter, for comparison purposes. An improved correlation between the

theoretical predictions and the experimental data, is clearly evident.

A State
— SPICE

Output voltage (V)
w
(8, ]

160 180 200 220 240 260 280
Frequency (kHz)
Figure 8.17 Output voltages vs. switching frequency.
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A comparison of the estimated and measured control characteristics, when duty ratio control is
employed, has also been obtained for various, fixed, operating frequencies viz. £=150 kHz, 170 kHz.
The results are shown in Figs. 8.19 and 8.20, from where it can be seen that the proposed state variable
model provides sufficient accuracy for design and analysis purposes, with a maximum error of 10%.
The minimum duty ratio at £=150 kHz is selected to be 25% to prevent the converter from entering
capacitive conduction mode. Furthermore, observation from Fig. 8.19 and 8.20 shows that the relative
output voltage V,,/V,2 when the input voltage duty ratio is reduced to 30%, is 1.375 at 150 kHz
(closer to resonant frequency), compared to 1.297 at 170 kHz (further away from resonant frequency),

thereby confirming the initial performance estimation of Fig. 8.7.
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Figure 8.18 Comparison of output voltages.
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Figure 8.19 Control characteristic curves for £;=150 kHz (a) High-side output and (b) Low-side output.
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Figure 8.20 Control characteristic curves for £;=170 kHz (a) High-side output and (b) Low-side output.

Typically, the open-loop output voltage magnitude characteristic of the converter is highly nonlinear
above the resonant frequency, but can be linearised over a limited operating frequency range for
controller design purposes. This can be seen from Fig. 8.21, which shows the magnitude characteristic
for one of the converter outputs over a constrained frequency range. A similar approximation can also
be used when a combination of f; and duty-ratio control are applied. However, in either case, the
remaining output is unregulated, or requires secondary-side post regulation to obtain the desired
output.
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Furthermore, Fig. 8.22 shows the output voltage V,,,; against varying switching frequency, f;. It can be
seen that, under asymmetrical input voltage excitation (duty ratio control), a higher output voltage, and
power, can be transferred to one individual output (¥, in this case) compared to the magnitude of
output voltage obtained with a 50% duty. Therefore, if the duty ratio is to be shifted at each switching
frequency, along the control characteristic curve, a voltage boosting effect can be obtained, which is
most significant at, or about, the effective resonant frequency. As the switching frequency moves
away from resonance, voltage boosting performance deteriorates, and a greater separation between the

output voltages cannot be maintained.
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Figure 8.21 Linear regulation of output voltage V.
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Figure 8.22 Voltage boosting of output V..
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8.5. Closed-loop Control and Experimental Realisation

A digital controller is proposed to regulate the output voltage when subjected to load and input
voltage disturbances. Resonant converters are traditionally controlled using one of two methodologies
a) constant frequency operation with pulse-width modulation (PWM) [H11], or b) square-wave,
variable-frequency control [H9, H10]. Control using PWM is often preferred since optimization of the
output filter for a ripple voltage at the output can be achieved at constant frequency. Conversely, for
operation over a wide load range, voltage regulation of the output becomes problematic, particularly

for low loads, where the PWM duty has a minimum on-state value, and frequency control may then be

preferred.
Two degree
freedom controller
One dimensional Disturbances
Compensator gain controls l

e, €

Vient _>A)_____ N Freguency ! 1, Control . *+Voutt

'com s L—>
Gconv

e

e d |—> +V,

Vier o] gl Duy | duty Control outz
Ceom duty ratio

Figure 8.23 Closed-loop control of the dual-load resonant converter.

Results of the possible output voltage distributions available from the dual-output converter, Figs. 8.7
and 8.13, have demonstrated the dependence of the output voltages on both the duty-ratio and
switching frequency. The objective, for control purposes, is to force the converter outputs to the set

points in the presence of line voltage and load disturbances.

Figure 8.23 shows the structure for the proposed controller, employing two decoupled feedback loops
for independent control of frequency and duty-ratio. Voltage feedback modulation is employed to
avoid the need for relatively expensive current sensors, and the control structures are based on linear
Proportional and Integral (PI) schemes, as a proof of principle. For design purposes, the output voltage

vs. switching frequency and duty-ratio characteristics of the converter, are approximated to be linear

over the frequency range of interest.

Although various methodologies could be considered for the design of the Pl gains, the controller

parameters have been selected empirically for robust tracking of the reference. In this case, effective
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bandwidths for the decoupled SISO controllers: K, =10, K; =30, K, /=2 and K; ;/~10 have been chosen
for good transient response and disturbance rejection. Notably, the digital compensator is tuned to
respond quickly to variations of V,,,, whilst the controller reacting to variations of ¥, acts relatively
slowly—thereby effectively decoupling the interaction of the control loops. The switching frequency

is restricted to values above the effective resonant frequency to maintain high efficiency operation.

A block diagram of the digitally-controlled converter is shown in Fig. 8.24, and comprises of a
PIC18F452-based interface—an 8-bit fixed-point microcontroller that is optimized for low-cost, and
integrates 10-bit analogue-digital converters with high sampling rates. The control outputs from the
PIC microcontroller are the effective turn-ON and turn-OFF times of the power switches, which are
latched into registers on a SPARTAN-2 FPGA. The FPGA is used to derive signals for switching of
the power devices. Here, only the final controller design is presented—the reader is directed to

Appendix C for in-depth information on implementation of the controller.
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Figure 8.24 Schematic diagram of converter supplying +5V and +3.3V with controller.

The prototype converter (see Table 8.3 for parameters) should provide regulated +5V and +3.3V
outputs from a DC-link input voltage in range 15V to 20V. The realisation of the converter along with

control circuitry is shown in Fig. 8.25.

Investigations have been undertaken using an experimental setup that allows load changes within the
range 3Q to 69, to be applied. Figure 8.26 shows the resulting steady-state error between the

reference voltages, ¥, and V. and the resulting measured output voltages of the converter, over the

specified range of DC-link input voltages (15V to 20V) with a 5Q2 load.
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Figure 8.26 Output voltage regulation when subject to variations in input voltage.

It can be seen that the maximum regulation error for both outputs is <5%. For completeness, Fig. 8.27
shows example voltage- and current- waveforms when operating the converter with an input voltage of
15V, with a balanced transformer secondary, and an optimised output load resistance of R;=4Q.
Moreover, Fig. 8.28 shows measured waveforms when the converter provides the asymmetrical output
voltage distribution of +5V and +3.3V. As can be seen, from Fig. 8.28(a), for the balanced output
loading case, controlled asymmetrical voltage distributions are achieved whilst maintaining Zero
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Voltage Switching operation of the switching devices. Furthermore, decreasing the duty-ratio
effectively facilitates a higher voltage to the output associated with the positive cycle of parallel

capacitor voltage.

Voltage / Current (V/A)

Voltage / Current (V/A)

(b)

Figure 8.27 Measured waveforms: (a) input voltage and input current and series capacitor voltage and (b)

parallel resonant capacitor voltage and rectifier input current.



Dual-Load Resonant Converters 197

Voltage / Current (V/A)

Voltage / Current (V/A)

s e ie  Twe w2 2001 2002 2008 2004
Time (ms)
(b)

Figure 8.28 Measured waveforms at V,,,,=+5V and V,,,,=+3.3V: (a) input voltage and input current and (b)

parallel resonant capacitor voltage and rectifier input current.
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Figure 8.29 shows the resulting steady-state percentage regulation error between each output reference
voltage, V,.n and V., and the resulting measured output voltages, over the specified range of load
resistances. Observation of the results shows that the design of the converter is optimised for 4Q
output resistance. When the output resistance is reduced, the input-to-output voltage conversion ratio
decreases, and the measured output voltages are less than their respective reference values, and the
percentage error is therefore negative. When subject to lighter load conditions, the regulation error
increases on both outputs with the highest error being observed when R;,= 6€2. Again, this agrees with

our investigations in Section 8.4, where greater output voltage distributions are only attainable at low

load quality factor.
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Figure 8.29 Regulation errors when subject to variations in load resistance.

Figure 8.30 shows example voltage- and current-waveforms from the state-variable model derived in
Section 8.4, simulated to steady-state with parameters corresponding to those of the converter
measurements in Figs. 8.27 and 8.28 (see Table 8.3 for converter’s parameters). A comparison of the
results shows that the model provides extremely good predictions of behaviour (notably, however, the
frequency required to achieve the +5V and +3.3V output distribution, using the simulation model, is

160 kHz, compared to 155 kHz for the measured results).
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(b)
Figure 8.30 Steady state waveforms from the simulation model of the converter with balanced outputs with (a)

symmetrical and (b) asymmetrical duty ratios.

To further demonstrate the versatility of the closed-loop dual-output converter, the compensator is
designed to operate over a wider range of output voltage distributions, as shown in Fig. 8.31, whilst
fixing the output voltage across load R, to 5V. Both outputs are frequency and duty ratio regulated
while maintaining the stabilized output voltage on V,,, at SV. It can be seen that the output voltage on

the second output varies almost linearly with increasing frequency.
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Figure 8.31 Output voltage distributions at constant load and constant +V,,.

Figure 8.32 shows the response of the converter resulting from transient start-up conditions, for a range
of applied input voltages and output voltage distributions. It can be seen that the converter voltages
converge rapidly to the reference values, with an initial overshoot of ~10%. The overshoot is
attributable to initial saturation of the integral action of the controller. Nevertheless, the response of

the controller is deemed satisfactory in each case.
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Figure 8.32 Start-up transient response for various combinations of output voltage distributions and DC-link
input voltages (a) vpc=15V, Vour=5V, Voua=3.3V; (b) voc=20V, Vpus=5V, V,0ua=3.3V; (¢) vpc=12V, V,.i=4V,
Vour=3.3V; (d) vpc=12V, V,un=5V, V,un=5V.

8.6. Summary

The characteristics of the dual-load, 4™-order LCLC voltage-output resonant converter, have
been explored. Two state-variable models have been derived, with the latter incorporating the effects

of transformer leakage inductance to improve prediction accuracy.

It has been demonstrated that the two outputs of the converter can be independently regulated to
provide asymmetrical output voltage distributions. A comparison of measurements from a prototype
converter, capable of delivering 5V and 3.3V suitable for a standard electronic supply, with those from

a derived state-variable model, and SPICE simulations, shows that the model provides accurate
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predictions of output voltage under steady state conditions. Moreover, a basic control scheme is shown

to allow reliable regulation of both outputs under transient start-up conditions.
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CHAPTER 9

Conclusions and Future Work

9.1. Conclusions

The thesis has developed novel techniques to facilitate rapid design and analysis of the
behavioral characteristics of 4™-order LCLC resonant converters. Both frequency- and time-domain
techniques have been explored, and their application demonstrated on candidate converter applications

viz. a novel electrode-less fluorescent lamp electronic ballast, and a dual-output resonant power

supply.

The derivation and verification of frequency domain models for the steady-state analysis of current-
output LCLC converters, has been presented. An input-output transfer function, for which classical ac-
analysis can be applied to analyse the frequency response of the converter, is derived, as a function of

standard normalised parameters i.e. C,, L,, \, , Wop1 and Q1. A comparative study using results from

SPICE simulations is used to demonstrate the accuracy of the model to predict the converter’s output
voltage characteristic, and, crucially, to estimate peak voltage and current stresses on the resonant
components and switching devices. It must noted that the transient stress is higher than the estimated
steady state value, and could potentially be destructive to resonant tank capacitors. Therefore, a
designer should be aware of the limitation of cyclic prediction, and take extra precaution when dealing
with voltage stress. Time-domain state-variable modelling could be used to assess the transient voltage
stress and to select appropriate component rating, after a desired converter design is finalised. FMA
based analysis is known to be applicable for light load operating conditions, above the resonant
frequency. However, the behaviour of the current-output converter, under heavy load conditions, has
also been considered, and boundary conditions between Continuous Conduction Mode (CCM) and

Discontinuous Continuous Mode (DCM), analytically determined.

Features associated with multi-resonance behaviour, for the two resonant peaks identified for 4™-order
converters, have been explored, and operation of the resonant converter around the secondary resonant
peak, is advised, in order to faciltate a reduction in switching losses and operation at improved power
factor. Closer examination of the voltage and current transfer functions shows that only two ratios of

resonant tank elements (C, and L,) are needed for design purposes, even though four tank elements are
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ultimately employed in realisation of an LCLC converter. Component values for the four tank elements
are readily obtained from the presented design procedure. In addition to designing a current-output
LCLC converter, the underlying design equations are also useful for analying and designing converters
encompassing a single resonant frequency—specifically, the LCC series-parallel resonant converter

and the LLC parallel resonant converter.

The capacitor-loaded 4™-order resonant power converter is normally employed to overcome the
requirement for a bulky and lossy filter inductor at the supply output, thereby further improving the
power density. A key feature of such converters, however, is the discontinuous resonant capacitor
voltage (vc,), that greatly complicates the analysis. A methodology based on a set of describing
functions that model the complex interaction between the parallel capacitor and rectifier/output-filter,
are therefore developed. In particular, in addition to the classical single-resistor FMA approximation of
the rectifier/output filter, an extended equivalent circuit for the LCLC voltage-output converter, is
derived, that incorporates an additional capacitance in series with a resistor to account for the
coupling/decoupling effects that arise from the rectifier conduction/non-conduction periods.
Predictions of output voltage against a range of switching frequencies, for various load conditions, are
compared with measurements on a prototype converter, and with results from SPICE simulations, with

excellent agreement been shown throughout.

Although, the voltage-output LCLC converter has demonstrable advantages over the current-output
variant, it is notable from the presented analysis, that the effective resonant point of the overall circuit
varies with load quality factor. This can be a disadvantage from a control perspective since a wider
range of switching frequencies is required to regulate the output, particularly if the converter is
operated over an extended load range. Additionally, the converter incurs high-ripple currents at the

output filter capacitance, rendering the converter less suited to low-voltage, high-current applications.

The proposed analysis methodologies, which are demonstrated to provide prediction accuracy
comparable to that of SPICE, are eminently suitable for routine use during the design of high-order
LCLC converters, due to the resulting low computational overhead. The presented describing functions
have therefore also been employed to facilitate the derivation of 4-design synthesis methodologies,
each satisfying different user-defined design constraints. Conditions under which each methodology
might be employed, and the qualities they subsequently impart to a converter design, are also

discussed.
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As previously noted, large-signal simulation studies are a powerful supplement to conventional
frequency domain design methodologies, to establish transient behavioural characteristics and
sensitivities prior to finalising circuit designs. State-variable models of 4®-order resonant converters
are therefore developed as an alternative tool, to SPICE and SABER simulation packages, for both
current- and voltage-output converters. The exclusion of an inductor (L) in the output filter network is

shown to complicate circuit operation, analysis and simulation of the voltage-output converter.

Prototype converters have been commissioned to investigate the accuracy of the resulting models—
their accuracy being proven to be commensurate with SPICE models, albeit requiring lower execution
times. Compared to previously reported large signal models for resonant circuit evaluation, the model

developed in the present work has the following merits:

1. Wide range of validity — The model is valid for simulation of both voltage- and current-output
converters, over a wide range of power levels.

2. Realistic — Circuit physical phenomena including ESR can be included in the model and the
effects reliably simulated.

3. Self-consistent — The model takes arbitrary input parameters such as input voltage, frequency,
capacitance and inductance values.

4. Rapid Simulation — The model is proven to have at least 10x faster execution speed compared

to SPICE.

Although the developed large-signal state-variable models are demonstrated to provide very accurate
transient time-domain solutions, they remain computational expensive, which is often a key

impediment the use of such techniques in a rapid interactive design environment.

A methodology based on cyclic-mode analysis, and its subsequence averaging technique, to facilitate
rapid steady-state analysis, is therefore developed, for both converter variants, and the resulting virtues
demonstrated by comparing predictions with experimental measurements. From the underlying state-
variable modelling principles, dynamic matrices for each operating mode, are derived, and analytical
formulae employed to estimate the mode duties for operation in both CCM and DCM. The subsequent
peak electrical stresses are also estimated using extensions to the cyclic-analysis methods. The
accuracy of the proposed analysis methodologies has also been demonstrated by comparisons with

practical measurements, SPICE simulations and the results from non-linear state variable models, and
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are shown to require significantly less computation overhead at the expense of only obtaining steady-

state solutions.

For cyclic analysis purpose, although the describing functions technique presented in Chapter 6
provides convenient mechanism for estimating the switching transition times, the sinusoidal waveform
assumptions, along with neglecting the effect of the parallel resonant inductor current, iy, can lead to
inaccurate estimation of the rectifier non-conduction angle, which subsequently introduces significant
errors on the cyclically predicted converter output voltage. A new method has therefore been proposed
that relies on localised searches, and a refined iteration procedure for estimating the required mode
duties. The method is shown to provide accurate duty estimates over a wide operating range, and also
for converters that provide low output voltages, when the effect of the rectifier on-state voltage (Vyioue),

is significant.

Various synthesis techniques have been developed to provide a platform for realization of LCLC
converters for candidate industrial applications. Specifically, an LCLC resonant ballast, operating at
2.63MHz, is considered, that is shown to facilitate capacitive discharge and appropriate filtering for
EMI, with near-resonance switching at high load quality factor promoting high efficiency operation.
The design utilizes the desirable characteristic of the 4™-order resonant topology, having a fixed
resonant point, to operate the fluorescent tube at its nominal power rating, and provide a high ignition
voltage at a pre-defined frequency. An approximation of the value of internal capacitance ¢1p formed
by the proximity of the copper tape, and fluorescent tube gas, is given, from which the required

ignition voltage is calculated.

Finally, the development and characterisation of dual-load, 4™-order LCLC voltage-output resonant
converters, have been explored. Two state-variable realisation techniques are investigated, with one
incorporating the effects of transformer leakage inductance to improve prediction accuracy. It has been
demonstrated that the two outputs of the converter can be independently regulated to provide
asymmetrical output voltage distributions. A comparison of measurements from a prototype converter,
capable of delivering 5V and 3.3V suitable for standard electronic supply, with those from a derived
state-variable model, and SPICE simulations, shows that the model provides accurate predictions of
output voltage under steady state conditions. Moreover, a digital control scheme is realised to allow

good transient responses from both outputs under start-up conditions, and steady-state regulation.



Conclusions and Future Work 208

9.2. Future Work

The author acknowledges that whilst the work presented in this thesis provides a
comprehensive account of modelling and design methodologies for LCLC converters, there remains

significant scope for future investigations.

To achieve high power density, low profile magnetic design for inductors and transformers, is critical.
Integrated magnetics should therefore be considered. The most common problem of integrated
magnetic structure is that they are not readily manufactured in low quantities with consistent
properties. However, using the 4"-order LCLC resonant converter topology, all the tank and
transformer magnetics can be integrated into a single component, thereby making it more suitable for
high product volume manufacture. An integrated magnetic design should also make the final structure
of the converter easier to manufacture and mechanically more stable. Compared with designs using
discrete components, a significant reduction on footprint can also be expected. Furthermore, the
resonant capacitor could also be integrated into the magnetic structure using planar techniques. Such
integration will provide additional benefits, including further reducing the volume and cost for passive

components, less interconnection and better electrical performance.

Knowledge of the small signal characteristics of LCLC converters is essential for the optimal design of
closed-loop feedback systems, to provide regulation of the converter output voltage when subjected to

line voltage and output load variations, and have yet to be fully explored.

There is an emerging necessity for systems, such as those that are microprocessor based, for supply
technologies that provide multiple outputs of values lower than 5V, for instance, in the 1.8-3.3V range,
and perhaps lower in future, as a consequence of increased integration of logic into single monolithic
substrates. In such cases, the rectifier stage can constitute the greatest source of power loss, since even
Schottky diodes have a relatively large voltage drop at high current ratings. To circumvent such
problems, and facilitate high efficiency operation, MOSFETs with low on-state resistance should be

considered for synchronous rectification, to replace the diodes.

Although simulation using the control canonical form can be undertaken when analysing the dual
output resonant converter, it incurs longer simulation time, as the model contains redundant state
variables, with detriment to the application of the state-variable model as an interactive design tool. In

order to abate this limitation, the augmented state space equation for v,,, due to each input should be
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formulated in the observable canonical form. The application of this technique for the analysis and

simulation of various complex resonant converters should be investigated in future research.
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APPENDIX A

Describing Function Formulae for the Analysis of

Voltage-Output Resonant Converters

Derivation of the output voltage from the voltage-output 4"-order resonant converter:

Vo =5 x 1+ co5(g )
/(2
_ 2R, (;m B 2”(V0ul * 2Viiode )f:s Cp )
out — .
V. o= ZRL;;‘,, _ 47[RLVoutfst _ SﬂRLvdiodefst (A-l)
out = T =
2R, (G, - 42 ,C vy
Vaut(l +4RLfsCP)= L(m ;!f; £ dwde)
V. = 2RL (;;n - 47fscpvdiode)

out —

z{l+4R,f,C,)

voltage-charging/voltage-clamping components:

vCp(l) = vCp_charge(I) + vCp_clamp(l)
_¢

2
-j2¢.

4

I
- 7r2fSCp

-J2¢

4

The fundamental of the voltage across parallel capacitor C, obtained by summing the contributions of
.3
f— j —

)
_,.,{

e L,

e b - eosla)]

)

-Jé.

Je —J

-

e.l¢t + e“j‘r
2

L
>~

in

ﬂzf,Cp i

-j=+Jje
37/

lin

7 f:Co

lin

2
4r fst

r

lin

- 47rzfst

- lin

47t2fst

-J2¢.

4

1 (A-2)

_jz

¢

2

+Jj

|

[ 26, + j(cos(24,) - jsin(24, ))- /]

F 2.+ e - j]

[sin(24,)- 24, + j{cos(24,)-1)]



Appendix 211

Input impedance, Z,, of the RTFMA equivalent circuit:
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APPENDIX B

State Variable Modelling of Dual-load Converter

B.1. State-Space Modelling of a 2"d-Order Resonant Converter in Canonical Form

To demonstrate the application of the controllable canonical state-space realisation for

modelling resonant converters, a basic 2™*-order LC parallel resonant converter, is initially considered.

The dynamic characteristics of the converter can be conveniently separated into fast- and slow-linear
subsystems related by coupling equations. For the resonant topology considered, the fast subsystem
comprises of the power switches and resonant tank components, whilst the slow subsystem is made up
of the load and output filter. The coupling equation relating the two represents the non-linear behaviour
of the rectifier. Fig. B.1 illustrates the use of partitioning on a 2"*-order CL parallel resonant converter.
For the fast subsystem, the half bridge switches are replaced by an equivalent voltage source, V.
Although rectifier is omitted, its influence on the fast subsystem is accounted for through the rectifier
current, 7. The slow subsystem represents the output filter/load, and the output voltage from the

rectifier, v/, is seen at the input to this sub-system.
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Figure B.1 State-variable representation of a 2".order CL resonant converter.
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The differential equations describing the slow subsystem (L~C; output filter and load R, ) are,

g ol Vo
YC, CuR,
(B-1)
;o _YrTVg
lLf_ Lf

Considering the voltage across the input and output of the rectifier, a coupling equation governing the
action of the rectifier, can be derived.

Vi= |VL| = 2Viote

(B-2)

ip =iy Sg"("l.)

In essence, the fast and slow subsystems can be represented by differential equations involving state
variables and system inputs. The selection of state-variables is not a unique process. Various sets can
be used. Some states are easier to derive, and others easier to work with, whilst some states may have
physical significance. In Chapter 2, the resonant tank reactive components are described by state-
variables that govern their actions. For instance, the voltage across the inductor L is governed by the
rate of change of current through it; similarly for capacitor C, the current going through the capacitor is
directly proportional to the rate of change of voltage across it. These rates of change become the state-

variables, and when combined are used to describe the fast subsystem of the converter.

u(t) :E ] —_— » .i » y(t)

Figure B.2 Conceptual split of the SISO system into two blocks.

Conventional representation of single-input single-output (SISO) systems is given in terms of input-

output differential equations and transfer function i.e.

y'+ay" 4.4, y+a,y=bu" +...+b, u+b, u (B-3)

n =d"y
"

- bosn_l +... +b”_28 + bn—l

s"+as" +...q,_s+a,

where

G(s)

with input, u(f) and output, y(¢).
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Neglecting the dependency on time, ¢, for clarity, the continuous-time dynamic systems in (B-3) can be

represented in state-space notation by considering the equation, which represents a third-order system:

d’ d?
d—{+a,72-)i+a2d—’:)+a3y
! ! (B-4)
d‘u du
o Thg o

By introducing an intermediate variable z(¢) such that the system, G(s) is conceptually split into two
blocks, as illustrated in Fig. B.2, the intermediate variable z(¢) now becomes the input to the second
block, to produce the output y(#). Hence,
P d
ar’

d*z | dz
by — + b =
O 't

dt (B'S)

Applying inspection, the three first-order differential equations-state variables describing the third-
order system can be conveniently written as,

X5 =2
xl = x2 = Z (8-6)

)'Cz=x3=f

Differentiating x, yields,

d’z d*z

y4
7{;3— a,F+azz+a,z=u

(B-7)

X, =2 =u—-axy - a,%, - ayX

From (B-6) and (B-7), the state-space control canonical form, is given by a set of first-order
differential equations—state equation and a set of single valued algebraic output equations—output
equation.

X=AXx+B.u y=C.x+D.u
(B-8)
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The first set of equations describes the dynamics of the system, and the second describes the
measurements from the system. The advantage of the canonical form state-space realisation, in this
case, is that it allows ordinary linear differential equations to be transformed into control canonical
form by simple substitution of the differential equation coefficients into the dynamic state matrix, A,

and output matrix C,.

The conversion can be performed by inspection of the input-output differential equations, ignoring the
network theory relating inductor current and capacitor voltage. Despite this, the states of the
companion form are not physically meaningful. From the perspective considered here, the internal
states are not particularly important, as they are purely a matter of how we select the appropriate output

variables required by the non-linear coupling equation.

The fast subsystem of the 2"-order CL resonant converter now consists of the input voltage source, V,,
and rectifier current source, ir. The input voltage source represents the periodic excitation of
magnitude DC link input voltage at input signal frequency and duty cycle; the rectifier current couples
the ‘fast’ subsystem to the ‘slow’ sub-system representing the output-filter and load. Considering each
source independently, a set of input-output state-space differential equations, associated with fast sub-

system, is given by (B-9).
2
Vi i S
G,(s)=—=2=
=TT

in

e L,C, dt
g (B-9)

2 2
d’v, + Vi i _dV,

The controllable canonical state-space form is obtained by introducing an intermediate variable z(r)
and, substituting (B-9) into (B6-B8):
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Similarly, the output equation is given by,

v w=|0 - 1 Xy
- L,C,

V=V itV

+V, Vi g =[’Cl,_ 0j|x2

216

(B-11)

Note, that in this particular realization of the system state has no direct physical value, and cannot be
identified in Figure B1. The complete state-variable model with coupling equations, are therefore given

in (B-12), and can be readily used in a MATLAB/SIMULINK environment to simulate the dynamics

of the 2™-order CL resonant converter.

0
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(B-12)
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B.2. Controllable Canonical State-Space Derivation of Augmented Parallel

Inductor Voltage

Applying superposition theory, all the independent sources, except one, are removed—the fast
sub-system is therefore given in Fig. 8.15, and can be inspected under the excitation of one source at a
time. Removing the output rectifier current sources in parallel with resonant capacitors, C, and C,,, the
transfer function describing the relationship between voltage across parallel resonant inductor v,, and

input voltage, ¥,,, can be found, as follows:
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Similarly, for the case when the circuit is excited by the ‘high-side’ output rectifier current source, iz,

the input voltage source and ‘low-side’ rectifier current source iz, is substituted with a ‘short-circuit’

and an ‘open-state’, respectively. The relevant Laplace domain transfer function for the input-output

relationship, is given then by,
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Employing superposition, therefore, the transfer function describing the relationship between the

current flowing through parallel resonant capacitor, C,;, and all independent sources Vj,, iz and iy, is

given by,
iCp_vi(S)
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A state-space canonical realisation of the classical transfer function can be achieved by first converting
the prototype Laplace domain description into the relevant input-output differential form, as shown in
(B-16), (B-17) and (B-18).
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Similarly, the ordinary differential equations (B-16) to (B-18) can be used to obtain the controllable
canonical state-space representation through substitution of relevant equation coefficients into the

dynamic state, A, and output matrices C..

Xy =A X, +B g, Ve =C x4+ D gu,
) 1 0 0 0 0 |
0 0 1 0 0 0
0 0 0 1 0 0 A
Au=| 0 0 0 0 1 0 B, =[ , } (B-19)
0 0 0 0 0 1
s g % o _%a
L Q40 Q40 Ay J
CC4=[O LT o] D,, =[0]
Q4o 40
Xs = A X5 + B sus Vs =C.sXs + Dt
O]XS
Ac4 = AcS BcS =|: 1 :| (B'lg)
CaclB2 0 B0 Be 0] pep
asg asg aso
X = A X + B gl Vs =C X6 + Deelts
1x5
Ac6 = Ac6 Bc6 = I:Ol jl (B'zl)
Ce =[1’-61— 0o b o o o ] D, =[0]
2 s

B.3. Observable Canonical State-Space Derivation

Although simulation using the control canonical form can be undertaken, it will be more time
consuming, since the model contains redundant state variables. Altematively, this problem can be
circumvented by formulating the augmented state space equation for v,, in the observable canonical

form. The relevant formulae —(8-25) and (8-27) in chapter 8 is thereby modified to address the issue.
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The state-space observable canonical form is given by,
Xx=Ax+B,u y=C,x+D,u (B-22)

where the system matrices have the special structure,

[0 0 -~ 0 -a,, b,
1 0 - 0 =-a,, b,_,
A sl o B.=| .| C,=[o 0 - 01 (B2
0 0 - 0 -—gq b,
0 0 -« 1 g | b, |

The transformation to observer canonical form illustrated for the equivalent circuit in Fig. 8.15. From
(8-23) and (8-26), the state-space equations for the parallel resonant inductor voltage, v;, due to
voltage source, ¥;, and current sources, iz; and iz, in the observable canonical form are given by,

Xl = onl +BalVIn

(B-24)
N =va_vi =Coxl +DolVin
Xy = A X, + By, (B-25)
Y2 =V, int =CoXy + Dyl
X3 = AyX3 +Byig, (B-26)
Y3 = va_iRZ = Cox3 +Do3iR2
where
00000’_9_13._ [ b as by
© Gy Qo o Qo
10000 0 0 0
01000 %2 o by by
: a
A, = ; (20 ; B, = 4o Qo o ; B,=|""| ; B,=-B,
00100 0 0 0
0001 oé-ﬂ _bo ay b by
¢ G Ay 4G, 9y a,
00001 0 0 0
L J L J L N
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Adding (B-24), (B-25) and (B-24) yields,

Vin
ki +%, +%; = A, (X, +X,+x;)+[B,, B,, B,]ip
&2 (B-27)
Vin
NHYs+ys=vy, wtVy, mtVy, g = Co(xl +X,+ x3)+[Dal 0 0] ip
Iry
By defining,
X=X, +X,+X; (B-28)
Y=Entrty;=v,
The observable canonical state-space equation in (B-27) simplifies to,
Vi
x=A,(x, +X,+%;)+[B, B,, Bylig
& (B-29)
v,

in
y=v, = Co(xl +X, + X3)+ [Dol 00 ikl
iRZ

It is obvious that the subsequent parallel resonant inductor voltage, Vi, has identical order to that of the

resonant tank fast subsystem, thereby ensuring the uniqueness of the solution for the state-variable

model in (8-11), (8-16) and (8-17).
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APPENDIX C
Implementation of Digital Controller

Figure C.1 shows the circuit diagram of a digital controller for closed-loop control of the dual-load 4"

order converter. A PIC18F452 is used to calculate required turn-on and turn off times, that are then
 latched into an FPGA register. Effectively, a simple PI control algorithm, for closed loop feedback
control of the two outputs, is implemented on the PIC microprocessor. The flow chart for the PIC ‘C’
digital controller is given in Fig. C.2.
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Figure C.1 Schematic diagram of digital controller.
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The high- and low-side gate drive control signals are generated by the FPGA using logic circuits, with
input data from the PIC. These digital logic circuits are implemented on the FPGA XSA 100—a
schematic is given in Fig. C.3. The digital control circuit is constructed from two main components,
the data latches that store the calculated times from PIC and, the combination logic that produces the
high and low side control signals. The pair of data latches, shown in Fig. C.3(b), store the #,, and f,;

times. The times are simultaneously transferred to the combination logic block in Fig. C.4(a).

Initialise Ports
[

Wait for FPGA ¢

Setup FPGA with
+Done Calculated Duty and Frequency
Setup FPGA with
Initial Duty and Frequency ’i

A/D Conversion
Dual-Loop Feedback

v

Calculate required to and tyy |

v

Figure C.2 Flow chart for PIC ‘C’ digital control.

Table C.1 Control and data line between the PIC and FPGA.

FPGA Inputs Functions
9 bit data bus Contains the 9 bit binary values for 1,, and 7,

2 bitaddress - select] and select2  Selects which latch to be enabled.
4 control bit - startactlow Disables FPGA output until initial times are stored in the

latches. An active low input to start counter and enable output.

- latch Latches data onto enabled register.
- pload Loads stored data onto current register pair.
- clearall Clear all latches.
High and Low Side Output control signal for high and low side gate drive.

Done Pine Goes high when FPGA finishes being configured.
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The combination logic block comprises of 9-bit counters, comparators and a state machine, producing
the control signals. The comparators are used to compare the number from the PIC with the count of
each counter. In the event when the count is equal to the number, this increments the 2-bit counter in
the state-machine, see Fig. C.4(b), to output the control signal. This then resets the current counter and
enables the next, hence, effectively, only one counter is active at a time. The overall control and data

interface between the PIC and FPGA, are given in Table C.1.

combination logic. T
latches -

- [ Siock Sremrratrerr oot 0 s e ;[ S THOY
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(a)

AcLR ACLR

(b)
Figure C.3 XILINX FPGA XSA100 schematics: (a) Top level digital logic circuit schematic and (b) date latches.
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Figure C.4 XILINX FPGA schematics: (a) Combination logic and (b) State machine.
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PIC18F452 “C’ code for digital controller as followed:

#include <p18£452.h>
#include <adc.h>
#include <stdlib.h>

/* for analogue to digital conversion */

#include <math.hs
#define tonset S0 /* Initial on time */
#define kp_duty 2 /* Proportional gain */
#define ki_duty 10 /* Integral gain®*/
#define kp_freq 10
#define ki_freq 30
#define deadtime 2 /* dead time = dead time * 50ns */
#define initial_count 100
#define demandl 1023%5/25
#define demand2 1023*3.3/5
#define accum_max 2000000000 /* accumulator integrator */
#define accum_min ~2000000000
#define max_freq 66 /* 1/maximum frequency = max_freq * 50ns */
#define min_freq 134 /* l/minimum frequency = min_freq * So0ns*/
#define negativeselect PORTBbits.RBO
#define startactlow PORTBbits.RB1
#define select2 PORTBbits.RB2
#define selectl PORTBbits.RB3
#define bufferenable PORTBbits.RB4
#define done PORTBbits.RB5
#define latch PORTEbits.RE1l
#define pload PORTEbits.REO
#define clearall PORTDbita.RDS
#define LED1 PORTDbits.RD3
#define LED2 PORTCbits.RC4
#define pushbutton2 PORTAbits.RA6
#define pushbutton PORTEbits.RE2
//global variables go here
unsigned int tonnum, toffnum;
int feedbackl, data, dataton, errorl, Pl, eil, esuml; /* 16 bit store for A to D result */

int feedback2, error2, P2, ei2, esum2,count;
long int accuml=0, accum2=0;
unsigned long int temp_accums=0;

J/EUNCLIONE QO here * 24 m st aa s et and d v d N d A AR AR A AR Ak AN AR R AR R R AN R R AT TR AR O NS

void present (void)

{

char data_array [9],index,x;
unsigned int bitno, temp;
bitno = 256;
index = 1;
for (x = 1; X < 10; X++)

temp = data & bitno;

temp = temp - bitno;

if (temp == 0)

data_array [index] = 1;
else
data_array[index] = 0;

bitno = bitno>»1; /*256.. 128..64..3

index++;
}
PORTDbits.RD4 = data_array(1];
PORTCbits.RC5 = data_array([2];
PORTDbits.RD2 = data_array([3];
PORTDbits.RD1 = data_array([4];
PORTDbits.RDO = data_array(5];
PORTCbits.RC2 = data_array!6];
PORTCbits.RC1l = data_array{7];
PORTCbits.RCO = data_array(8];

if (data_array[9] == 1)
PORTCbits.RC3 = 0;
else
PORTCbits.RC3 = 1;

}

void latchdata (void}

/* used in for loop */

/*index for results array */
/* teat each bit if 1 or zero then stores in array */

/*masks all other bits except bitnos2"bit+/
/*result.. if bit is 1 then - bitno gives 0..Else 0 */

2..16..8.. .1/

/*dB*//* use index to put data to correct bit */
VAL YAY)
/*de*/
/*d5*/
/*das/
/*d3*/
/e*d2*/
/*d1+/
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{
latch = 0;
latch = 1;
latch = 0;
}

void tonselect (void)

selectl = 1;
select2 = 0;
present ();

latchdata ();
selectl = 0;

}

void toffselect (void)

selectl = 0;
select2 = 1;
present ();
latchdata () ;
select2? = 0;

}

void tdeadselect {void)

selectl = 1;
select2 = 1;
present ()
latchdata ();
selectl = 0;
select2 = 0;

)

void loadcurrent (void)
pload = 0;
pleoad = 1;
pload = 0;

}
vold wait (void)

char countl;

countl = 255;

do

countl--;

while (countl != 0);

}

void analogue_freq (void) /* analogue to digital conversion for feedback 1 */

OpenADC (ADC_FOSC_64 & /* opens and configures A to D.. all analogue */
ADC_RIGHT_JUST &
ADC_1ANA_OREF,
ADC_CHO &
ADC_INT_OFF) ;

SetChanADC {(ADC_CHoO) ; /* Belects channel */
Delayl0TCYx(6) ;

ConvertADC (); /* starts a to d conversion */
while ( BusyADC() ); /* waits to finish ¢/
feedbackl = ReadADC();

CloseADC () ;

}

void analogue_duty (void) /* analogue to digital conversion for feedback 2 */

OpenADC (ADC_FOSC_64 & /* opens and configures A to D all analogue */
ADC_RIGHT_JUST &
ADC_8ANA_OREF,
ADC_CH1 &
ADC_INT OFF);
SetChanADC (ADC CH1); /* selects channel ¢/
Delayl0TCYx(6) ;
ConvertADC () ; /* starts a to d conversion */
while ( BusyADC() ); /* waits to finishe/
feedback2 = ReadADC{() ;
CloseADC () ;
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void intial (void)
{
data = tonset - deadtime;
tonnum = data;
dataton = data;
and calc toff */
tonselect {);

data = initial_count - dataton - deadtime - deadtime;

toffnum = data;
toffselect ();
loadcurrent {();

}

void intial_deadtime (void)
{
data = deadtime;
tdeadselect ();

}
void controller freq (void)

errorl = demandl - feedbackl;
Pl = errorl * kp_freq;

accuml = accuml + (ki_freq * errorl);

if (accuml > accum_max)
accuml = accum_max;

it (accuml < accum_min)
accuml = accum _min;

if (accuml < 0)

temp_accum = -accuml;
else

temp_accum = accuml;

temp_accum >> 16;

if (accuml < 0)

eil = -temp_accum;
else
eil = temp_accum;

esuml = Pl+ eil;
count = esuml;

if {count > min_freq)
count = min_freq;

if (count < max_freq)
count = max_freq;

void controller_duty (void)
error2 = demand2 - feedback2;
P2 = error2 * kp_duty;

accum2 = accum2 + (ki_duty * error2);
Controller

if (accum2 > accum_max)
accum2 = accum_max;

it (accum2 < accum_min)
accum2 = accum_min;

if (accum2 < 0)

temp_accum = -accum2;
alse

temp_accum = accumz;

temp_accum >> 16;

if (accum2 < 0)

ei2 = -temp_accum;
else

ei2 = temp_accum;
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/* store tons.. used to alter duty

/* calc toff from T - toff */

/* proportional controller */
//accumulator for Integral Controller

// prevent accumulators overflow

//signed to unsigned variable

// shift unsigned variable by ki_freq

// convert back to signed

//total error = Proportional + Integral error

//proportional controller

//accumulator for Integral

// prevent accumulator overflow

//signed to unsigned variable

// shift unsigned variable by ki

// convert back to signed
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esum2 = P2+ ei2;

dataton = esum2;

if (dataton > count)
dataton = count;

if (dataton < 0)

dataton = 0;

data = dataton - deadtime;

tonselect ();

data = count - dataton

toffselect ();

loadcurrent ();

}

void main (void)

// main function variable go here

int LEDFLASH=0;
char duty cont=0;

//setup ports

PORTB = 0x10;
TRISB = 0x20;
PORTD = 0;
TRISD = 0;
PORTC = 0;
TRISC = 0;
PORTE = 0;
TRISE = 0;

PORTA = OXff;
TRISA = Oxff;

READY:
do
{
bufferenable = 1;
while (done == 0);
startactlow = 1;
bufferenable = 0;
LED1 = 1 ;
intial_deadtime ();
intial (};

while (1)

{

startactlow = 0;

if (done == 0)

{

LED1 = 0;

goto READY ;

)

analogue_freq ();
analogue_duty ();
controller freq ();
controller_duty ();

if (LEDFLASH == 600)
{

LED2 = 14LEDZ;
LEDFLASH=0;

}

LEDFLASH++;
}

- deadtime - deadtime ;
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// on time = total error

// test to keep duty within range!

/*Initial value of RB4 to be 1 ¢/
/*PORTB as outputs RBS as input b'00100000'+/

/* PORT C D E as outputs... PORTA as INPUTS+/

/* disables buffer unit FPGA configured */

/* disable output +/
/* enable buffer +/
/*light LED..FPGA configured. PIC operating+/

//gets dead time
//sets initial duty cycle

// enables output

// TEST to check FPGA still configured and ON

//FPGA no longer programmed..

// performs A to D conversion
//calc. duty from atod.

//flashes LED

/* end of while loop */
/* end of main function */



